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PREFACE
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sponsored by Rome Air Development Center's Electro-

magnetic Sciences Division (RADC/EEAA), Hanscom AFB,

MA and the University of Illinois' Electromagnetic Lab-
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Paul Mayes of UI was the symposium chairman. Capt.

Daniel McGrath of RADC/EEA was the symposium man-
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ANTENNA ELEMENTS FOR INTEGRATED PHASED ARRAYS

Daniel H. Schaubert, R.W. Jackson, and D.M. Pozar
Department of Electrical and Computer Engineering

University of Massachusetts
Amherst, MA 01003

ABSTRACT

Monolithic integrated antennas on GaAs have been studied for

use in millimeter wave phased arrays. A number of potential

problems, including surface wave effects and available area for

circuit and antenna layout, have led to the consideration of antenna

and circuit structures that utilize different surfaces and

substrates for these two functions. There is no need for via

connections between the feed circuit and the radiating elements

because effective means of electromagnetic coupling are utilized.

Two particular antennas will be described: 1) aperture-coupled

patch and 2) slot-fed dipoles. Both of these antenna/circuit

structures can use a GaAs substrate for active devices and circuits

while using a lower permittivity substrate for the radiating

elements. The aperture-coupled patch utilizes microstripline for

the feed network, and a ground plane isolates the feed network from

the radiating aperture. The slot-fed dipoles can utilize coplanar

waveguide for the feed network. The paper will include experimental

results and some calculated results, with emphasis on how the

antennas perform.

I.
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1.0 INTRODUCTION

Integrated phased array systems consisting of a large number of

elements and operating at millimeter wavelengths have motivated many

antenna developments in recent years. Reduced cost, increased

reliability, and performance are some of the reasons for

investigating monolithic and integrated structures, and the high

level of integration of active and passive components in these

structures makes them different from most systems that have been

developed to date. The coexistance of these components requires the

use of substrates, transmission lines, and circuit designs that have

not been necessary at lower frequencies in modular units. Another

feature of these integrated structures is the large number of

control and power supply circuits that must be included. All of

these features contribute to a very dense packing of components that

is difficult to achieve at best and is usually detrimental to system

performance.

In this paper, two types of antenna elements are described.

These elements are integrable with monolithic circuits, but do not

reside on the same substrate surface as the circuits, which reduces

component crowding. Coupling to the radiating element is via the

electromagnetic fields so that no via connections (plated through

holes) are needed. An added advantage of these antennas is that

different substrates can be used for the active circuits and the

radiators. This can help to alleviate surface wave and scan

blindness effects that have been predicted for printed antenna

1- 4arrays on GaAs

2
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The antenna elements that are described below are a microstrip

patch radiator coupled to a microstripline via an aperture in their

common ground plane 5 '6 and a printed dipole coupled to a slotline in

its ground plane. Another version of the latter antenna is a dipole

pair coupled to a coplanar waveguide. Measured impedance and

radiation properties of these antennas are presented and, for the

aperture coupled patch, computed parameter studies provide useful

design data.

2.0 APERTURE-COUPLED PATCH

The structure of the aperture coupled patch antenna is shown in

Figure 1. The patch is resonant and radiates effectively into the

upper half space, whereas the aperture is smaller than resonant

dimensions and does not radiate much power into the lower half

space. The operating frequency of the antenna is determined by the

patch dimensions and the input impedance can be controlled by the

Vaperture size and stub length.

An analysis of the structure in Figure 1 has been performed by

solving the coupled integral equations for the fields in the upper

and lower regions. The method of moments is used along with Green's

functions for the grounded dielectric slab [7]. The computations

are quite time consuming, requiring 30 minutes per data point on a

VAX 11/750, but many useful design studies have been completed.

Typical impedance data are shown in Figure 2 for 3 different

stub lengths. The reference plane is located at the center of the

aperture. For all impedance plots, measured results are plotted as

solid lines and calculated results are plotted as dashed lines.

3
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Increasing the stub length further causes the locus to rotate into

the inductive part of the chart and become smaller in size, similar

to the loci for shorter stub lengths. If the impedance at a single

frequency is tracked for various stub lengths, it is found to follow

approximately a constant resistance circle, implying that the slot

and antenna appear to the feedline as an impedance in series with an

open circuited stub.

V The effects of aperture length are shown in Figure 3 and 4.

Increasing the aperture length increases the diameter of the

impedance locus and lowers the resonant frequency slightly. The

combination of stub length and aperture length provide extensive

or
control of the input impedance and allow tuning for perfect match at

a single frequency or maximum bandwidth for a given VSWR. (In

general, the bandwidth of aperture coupled patches is similar to

that of ordinary probe fed or microstripline fed patches of similar

size on the same substrate, but some results have been obtained that

indicate an increased bandwidth due perhaps to double tuning.)

Increasing the relative permittivity of the feedline substrate

has the effects illustrated in Figure 5. For these calculations,

the impedance of the microstripline feed was maintained at 50 ohms

and the stub length was maintained at 0.22 wavelengths of the

microstripline. The specific values of the antenna parameters are

listed in the figure.

Measured radiation patterns of aperture coupled patches are

shown in Figures 6-8. All of these patterns were taken with a small

ground plane and the coaxial transmission line that attaches to the

~~~~~~ .ad. .. - - - - -a r ' .. a * -
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microstripline has some effect on the E-plane patterns. The level

of radiation into the back (feed) region of Figure 6 is not

particularly high and does not resemble slot radiation. Therefore,

it appears that the resonant patch is providing the primary means of

radiation and the feed region would be relatively free of radiated

power if the ground plane was large enough. The antennas that were

used to obtain the patterns in Figures 7 and 8 were both fabricated

by using 0.025-inch Duroid 6010.2 (cr-10.2) for the feedline and

0.020-inch Duroid 5880 (Er=2.22) for the antenna. The other antenna

parameters are given in the figures. The feed substrate in Figure 8

is twice as thick electrically as that in Figure 7, and this may

contribute to the increased radiation in the backward region.

Nonetheless, relatively little power is radiated to the feed side of

the ground plane and absorber in this region should help to control

stray coupling effects without significant loss of gain or adverse

effects on the upper half space radiation pattern.

3.0 COPLANAR WAVEGUIDE FEEDLINES FOR PRINTED DIPOLES

Three configurations have been studeid which involve slots

feeding printed dipoles; (a) a single slot feeding a single dipole

(Figure 9), (b) coplanar waveguide feeding two dipoles (Figure

10(a)) and (c) coplanar waveguide feeding crossed dipoles for

circular polarization (Figure 10(b)). All three structures are

based upon the slot fed dipole shown in Figure 9. As in the

aperture coupled patch two substrates are used, one substrate with a

low dielectric constant to enhance antenna operation and one with

dielectric that simulates the semiconducting material used for

5
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active devices. Interest in coplanar waveguide feeds is due to the

superior R.F. grounding it offers to active devices at millimeter

wave frequencies. This grounding advantage can be critical for the

design of high gain millimeter wave amplifiers. A possible

disadvantage in comparison with the aperture coupled patch is the

disruption of the antenna's ground plane caused by the presence of

the slots or coplanar waveguide. This effect can be minimized by

making the feed cross-section as small as possible.

The slot fed dipole structure is motivated by the well known

8
slotline-to-microstripline transition . In that application, the

slot and microstrip lines cross and then extend beyond each other by

about one quarter wavelength. For the slot fed dipole case, it was

found that placing the slot end almost directly under the dipole

gave the best results. Coupling is tightest when the slot is

located at nearly the center of the dipole's long dimension,

lessening as it is moved closer to an end. The interaction can be

considered as inductive coupling between the current flowing around

the slot end and the current on the dipole.

The structure shown in Figure 9 was constructed with the

antenna supported on a substrate (er=2.5) with a thickness of .060"

and the slot supported on a substrate (cr 10.0) with a thickness of
Ir

.050". A slot of width .010" was excited by a semirigid coaxial

line and then tapered to a width of .030" under a dipole which is

.820" long and .100" wide. (The dimensions of the dipole, the

substrate and the slot under the dipole are the same for the

configurations shown in Figure 10(a) and 10(b).) The measured

6II J I
[Pm
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antenna patterns are shown in Figure 11. Impedance plots show a

well behaved resonance with roughly a 1% bandwidth (VSWR < 2) and

greater than 20 dB return loss at 4.72 GHz. The patterns show some

significant back radiation which is attributed to radiation from the

slot feed and from the coax-to-slot transition.

Figure 10(a) illustrates the second configuration, a coplanar

waveguide feeding two dipoles. At the board edge, the coplanar

waveguide dimensions are chosen for a 50 9 impedance. The coupled

slots are then gradually thinned to a width of .030", separated by

several slot widths (to decouple one from the other) and then routed

to each dipole. By adjusting the placement of the dipoles relative

to the slots, a return loss greater than 20 dB is achieved at the

resonant frequency (see Figure 12(a)). Bandwidth and slot location

were, as expected, nearly the same as for the single slot/dipole

structure. Patterns for the coplanar wavegulde fed dipoles are

shown in Figure 12. Dipole separation was such that H-plane nulls

should exist at +39 from broadside. Since no nulls are evident, it

appears that the feed slots are participating in the radiation such

that the effective radiating centers of the dipole/slot combination

are closer to each other than the physical distance between the

dipoles. As a check of this hypothesis, the feed locations were

shifted so that the slots pass under the dipoles one quarter dipole

length from the dipoles' ends. This reduces the coupling from slot' to dipole and pattern nulls appear at the proper angles. For

dipoles offset fed in this manner the return loss is 10 dB.

7
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Finally, in Figure 10(b), we show crossed dipoles fed by

coplanar waveguide for circular polarization. As in the second

structure the slots are gradually decoupled from each other, the

slot path to one dipole is then made one quarter wavelength longer

than the path to the other. Each slot feeds its dipole roughly one

quarter dipole length from the dipole end. A return loss of greater

than 15 dB is observed at an operating frequency of 4.81 GHz (See

Figure 13(a)). In Figure 13(b), pattern plots of E 8 (O=0 ° ,.),

E9 (C=90
0 ,8), E€(0=0 0 , 0) and E (0=90,0) are presented. The

coordinates 0 and 9 are defined in the usual way with respect to the

x and y axes in Figure 10(b). From relative gain measurements at

0=0,45 and 90 an axial ratio of 2.8 dB is estimated.

Spurious slot radiation seems to play a role in each of the

three structures tested. It is likely that this effect could be

further minimized by adjusting slot width and location. Theoretical

studies are currently addressing this question.

4.0 SUMMARY

Two types of antenna elements for use in integrated phased

arrays have been investigated. Both allow the use of two

substrates, a low permittivity substrate to optimize antenna

performance and a high permittivity substrate (such as GaAs) on

which active devices can be fabricated. The aperture coupled patch

radiates well, can be impedance matched by simple adjustment of

antenna parameters, and is compatible with microstripline circuit

techniques. The slot fed dipoles can be used singly with slotline

feeds or in pairs with coplanar waveguide feeds, which offer good

8
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grounding for millimeter wave devices. A circularly polarized

version of the antenna has been obtained by using crossed dipoles

and a coplanar waveguide feed.
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Figure 2. Measured versus Ealculated input impedance loci as a

function of stub length. c =2.54, db.-.1 6cm, L =II.Ocm, W =3.0cm,
a b.j,=I4icn

L ap=1.12cm, W a=. 155cM, E = . 57, d a-.16cm, W f*44A
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Figure 4. Resonant frequency and input resistance at resonance versus
slot length (data from figure 3).
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L'1a

rf S
2.54 .495 cm 2.000 cm
5.10 .310 cm 1.493 cm
7.65 .225 cm 1.255 cm

10.20 .173 cm 1.108 ca]
12.75 .139 cm 1.004 cm

Figure 5. Calculated input impedance loci as a function of feed
substrate dielectric constant. The tabular data above give the feed
line width and stub length used in the analysis to maintain a 50 a
characteristic impedance and stub length of .22A~ for each value of
E a-The other antenna parameters are:f

br 2 .4 d b*16cm, L -4.0cm, W p3.0cm, L ap1.0cm, W a-. 11cm, d a'.16cm.
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E Plane

H Plane

Figure 6. Radiation patterns of 4.17 GHz antenna. cb_ 2.2, d 16 cm,
=2.17 cm, W =3.0cm, L =1.0 cm, W -.16cm. r b

p p 1ap ap
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E Plane

H Plane
Figure 7. X-band (9.65 GH ) aperture coupled patch with high

permittivitY feed 3ubstrate. E =2.2, d b=.O5cm, L =.914 cm, W =1.28cm,
a_ r m b 06co

L .35cm, W =.09cm, C =10.2, d .64cm W L 06m LU1.83cm
ap- ap r a f s
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E Plane

H Plane

iFigure 8. 16.68 GHz radiation patterns.

b a
E =2 .2, d =.05cm, L =.52cm, W =.7cm, L =.115cm, W =.08Cm, E =10.2,

d=64em, 06cm, P ap ap r
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Figure 10(a) Coplanar- waveguide feeding two dipoles.

r
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E Plane

H Plane

Figure 11 Pattern of single slot fed dipole.
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Figure 12(a) Return loss of dipoles center-fed by
coplanar waveguide.
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E Plane

H Plane

Figure 12(b). Pattern of two dipoles fed by coplanar waveguide
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Figure 13(a). Return loss for crossed dipoles.
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ABSTRACT

It is well known that the radiation characteristics of a

microstrip antenna can be accurately predicted by using the

cavity model theory in which the fields beneath the patch are

represented as an infinite sum of the cavity modes. Using the

equivalence theorem the antenna radiation pattern can then be

written as a function of those cavity modes which are actually

excited and their individual magnitudes. Usually a low order

cavity mode is strongly excited for producing the intended

radiation pattern. However, many other modes may contribute to

the undesirable cross'-polarized far field. In general, the

ex(:itation of any particular mode will depend upon the location

of the feed point, the thickness of the dielectric substrate, the

frequency of excitation, and the aspect ratio of the conducting

patch (assuming a rectangular patch). For some particular feed

locations though, the dependence upon substrate thickness and

aspect ratio can significantly be reduced. In general, using the

cavity model theory or isolated patches, an analysis is performed

to determine these dependences. Although this technique may not

be very accurate for some ;rrdy structures, it is very simple arid

does provide significant physical insight into the nature of the

cross polarization problem thereby lending itself to the

development of simple methods by which cross polarization can be

effectively reduced.
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1. Introduction

Because of their compactness, conformability, and ease of

fabrication there is currently substantial Interest in the use of

microstrip patches as the elements of antenna arrays. One

implementation makes use of an array of modules in which each

module is comprised of four rectangular patches and a microstrip

feed network. Analytical and empirical evaluation of the module

radiation characteristics has shown that significant levels of

undesired cross polarized far field can exist, depending upon the

thickness of the dielectric substrate, the patch aspect ratio,

the frequency of operation, and the patch feed point. In fact,

it is well known, for example, that when nearly square patches

are excited at particular feed pointb the two cross polarized

components of the electric field radiated broadside to Lho.

antenna are equal in magnitude and 900 out of phase, thereby

resulting in circular polarization, instead of linear

polarization [1). Hence, the purpose of this paper is to show

that, as in the case of patches producing circular polarization

for instance, the cavity model theory can be utilized to

understand the cross polarization problem of patches intended for

radiation of linear polarization and to suggest remedies for It.

2. Theory

First we briefly review the cavity model theory of

microstrip antenna radiation [2-3]. Consider a rectangular patch

of dimensions axb on a grounded dielectric substrate with
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dielectric constant E r and dielectric loss tangent 6 as shown in

Figure 1. In modelling the structure, the electric field beneath

the patch is assumed to have only a component which lies

perpendicular to the ground plane and patch and which is

invariant in that direction. The tangential magnetic field at

the edges of the patch are assumed to be zero and, therefore,

that the perimeter is enclosed by a magnetic wall. By applying

Huygen's theorem, an equivalent magnetic current ribbon Is

defined at the patch edge, combined with its image, and then

considered as radiating in the absence of the dielctric slab. In

general, the computed electric far field consists of an infinite

summation, the mnth term of which is proportional to

A (0 ,) Fmn (x',y') • j (mwd/2a)
mn k2 - k2

mn

where T mn (x',y')= cos(mrx'/a)cos(nwy'/b), Jo(x)- sin(x)/x,

k2 - 02 o(1-J 6eff}Cr , k2  (mi/a) 2 + (ni/b) 2

x',y' = patch feed point. coordinates,

a= patch length, b= pat,.h width,
6eff= effective dielectric loss taflgen,

Amn (0,0) = angular coefficient.

!However, as the operating f'requency w approaches the resonant

frequency of a particular mode inn, the real part of the intrinsic

wavenumber k and the reson;tnt wavenumber k will be equalmn

thereby causing the mrith term of the series to become dominant

over all others provided of' course that mn(x',y')*O . For
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typical values of patch aspect ratio (1.0 S a/b 2.0) the two

lowest order cavity modes (disregarding the DC mode mn=00) are

the mn-10 and mn-01 modes. It has been shown that under the

condition that a~b , the latter of these two is the more

efficient as it results in higher radiation [4]. Given that the

operating mode corresponds to mn=01, the cavity model theory also

predicts that only modes of the form mn=mO can significantly

contribute to the cross polarized far field. The denominator of

(1) also contains an imaginary term which is determined by

lumping the radiation, surface wave, copper, and dielectric

losses into a single "effective dielectric loss tangent", 6erf. To

do so, the copper and dielectric losses are found from the

magnetic and electric energies stored beneath the patch, and the

radiation loss is determined from the integration of the Poynting

vector over a closed surface located in the far field. The

surface wave loss is similarly determined by far field

integration except that use is made of the Green's function for

an infinitesimal magnetic dipole located on the surface of the

dielectric substrate. To see how frequency, aspect ratio, feed

point location, and 6eff contribute to the cross polarized far

field, consider the ratio of the radiated fields corresponding to

the 01 and mO modes as given by (1):

_ x'- • (2)
Em0  mo(x',y') - kz1 jomd/2a ) Amo(0,0)
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In order to maximize this expression and thereby minimize cross

polarized radiation, consider first the frequency dependent term

in the denominator, k2 - k 1 . Recalling that k can be written

as k'10 - J6eff ) , where k'=w/poo , one can obtain theeff oor

frequency which minimizes the magnitude of k - 1 by setting

the first derivative with respect to k' of the magnitude equal to

zero and solving for k'. Doing so yields k'k , for

6 2<<213. Using this value of k', (2) becomes:
eff

o y') i }' 2 1 A0 1 (O,' )
L 'mo m ( 26ef-  ( - (mb/a)) + 1) Jm~d/2a ) A(O3,))

Notice that for 01(y'). 0 and a/bsm , the ratio tends to

infinity as the effective loss tangent tends to zero. Similarly,

under the condition that 01(y')* 0 , the ratio tends to

infinity as mO( x' )=cos(mlx,/a) tends to zero (i.e., as

mirx'/a tends to an odd multiple of w/2 ).

3. Theoretical and Experimental Results

Numerous experimental single patch and four element modules

were implemented and tested in the frequency range of 3.7 to 4.0

G;1z using Rexolite 2200 circuit board (Er" 2.62, dielectric loss

tangent 6= 0.OO1). Both microstrip and coaxial line feed types

were used with no noticeable difference appearing in the pattern

measurements. In computing the theoretical data, the actual,

physical dimensions a and b were increased by a factor

32
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approximately equal to t, as determined from previous results.

In Figure 2, theoretically and experimentally determined cross

polarized far field levels are compared as a function of aspect

ratio. As one would expect from the previous discussion, cro.s

polarized radiation is minimized when the aspect ratio takes on

the value 1.5 and is greatest for values near 1.0 and 2.0.

Nevertheless, given that an aspect ratio such as a/b= 2.0, for,

example, results in a degeneracy of the 01 mode and the undesired

20 mode, one can easily reduce the cross polarized radiation to a

level comparable to that for which a/b= 1.5 by using mode

supresslon pins. In Figure 3a, it can be seen that placement of

shorting pins along the nodal line of the 01 mode electric field

distribution effectively suppresses the cross polarization

producing modes immediately above and below the 01 mode but

leaves the 01 modal field unaffected. Even when the operating

frequency is increased or decreased by as much as. 3.0%, the

effects of the pins remains signiflcant as can be :seen in Figure

3b.

For the ease of the four element module, two basic

microstrip feed networks are depicted in Figure 4a. In one

network the antenna is fed on the "a" side of each element

whereas in the other it is fed on the "b" side. Both types of

modules have been implemented and tested, although attention will

focus on the latter since it is simpler in construction and it

provides a simple mechanism by which the array may be matched to

50 ohms. Because the 01 mode results in a sinusoidal variation
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of' the electric field along the "b" side of each patch, the feed

points of the elements on the second module may be simultaneously

shifted left or right in order to achieve a desired impedance

value. Figure 4b illustrates the results of having made use of

this fact in one implemented module. In Figure 5, measured

effects of varying patch aspect ratio for a particular array

module are shown, and in Figure 6 it is seen how short open

circuited stubs can be used to simulate a change in aspect ratio

thereby resulting in a reduction of cross polarized radiation as

well.

4I. Conclusions

(1) Despite the fact that this theory concerning cross

polarization Is based upon the cavity model theory, which is

valid only for thin substrates, the results indicate that It is

* still applicable for dielectric thicknesses as much as 0.032

dielectric wavelengths (E)

(2) The application of the theory is not restricted solely

to the case of' isolated patches but can be applied to the case of

array modules in which the elements are spaced by a fraction of a

free space wavelength.
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Figure 3a. Use of mode suppression pins for the case of a patch
with aspect ratio a/b- 2.0.
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Figure 3b. Measured patterns obtained while using mode suppression
pins and exciting the patch both above and below the
0,1 mode resonant frequency (3.8 0Hz).
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Figure 4a. Two microstrip feed networks for the four element
array module.
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Figure 4b. Measured input impedance locus of an array module

consisting of patches fed on the "b" side.
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Ku-Band High Gain Microstrip Planar Array for TDRSS

Farzin Lalezari and Charles Gilbert
Ball Aerospace Systems Division

Boulder, CO

ABSTRACT

A high gain microstrip planar array to be used in the TDRS (Track-

ing/Data Relay Satellite) system has been developed at Ku-Band

for NASA-GSFC Contract #NAS5-28032. The antenna is circularly polar-

ized and employs a patch rotation scheme to more than double the

3 dB axial ratio bandwidth and the 2:1 VSWR bandwidth. A bandwidth

of 4.5% was achieved on 0.015 inch Teflon-fiberglass material cen-

tered about 14.8 GHz. The increase in bandwidth can best be explained

in terms of circular polarization ellipses. The increase in impedance

bandwidth is due to the impedances of each patch not adding in phase.

Thus, an array of 64 x 64 elements was built and tested based on these

principles and we achieved 4.5% bandwidth and 39 dBic gain.

Also, a Ku-band tracking system was included in the same aperture.

A coarse and fine ( for both elevation and azimuth), sum and

difference monopulse tracking was employed and were mounted around

the perimeter of the main aperture.

45



1.0 Introduction

A Ku-band high gain planar microstrip array has been developed at

Ball Aerospace Systems Division using a unique patch rotation scheme.

This work was sponsored by NASA/Goddard Space Flight Center under

Contract #NAS5-28032. First of all, the patch rotation scheme will

be explained in terms of axial ratio ellipses and impedance. Secondly,

the performance of one of the sixteen panels will be reviewed. Next

the overall structure of the antenna will be described. Then the

waveguide feeding structure will be detailed. Finally, the mono-

pulse tracking system will be discussed. Also, in Phase II of this

contract an S-band data link for the TDRSS system is being developed

and this antenna will be briefly mentioned.

2.0 Patch Rotation Scheme

*w The basis for this antenna and its relatively wide bandwidth is the

patch rotation scheme. In general, a microstrip patch etched on

0.015 inch teflon-fiberglass will have 1.5 to 2.0% bandwidth. However,

by rotating the patches a greater than two-fold increase in both VSWR

* (inside 2.0:1) and axial ratio (less than 3 dB) will be realized. The

improvement in axial ratio can best be explained in terms of axial

ratio ellipses as will be done below. The increased VSWR bandwidth

will be shwin in terms of a Smith Chart. The axial ratio ellipse

explanation will be given first followed by the VSWR improvement

explanation.
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Consider two circularly polarized microstrip patches spatially rotated

90 0 with respect to each other. Figure 1 shows this arrangement. Near

the center frequency the axial ratio is small so consider these patches

at their band edge, where the individual patches have an axial ratio

of 3 dB. The axial ratio ellipses may be drawn as shown in Figure 2.

Thus, the major axis of the first ellipse adds to the minor axis of

the second ellipse and vice versa. So the net axial ratio theoretically

is back to 0 dB even though the individual microstrip patches have a

3 dB axial ratio. In practice things are not perfect and so one does

not achieve 0 dB axial ratio everywhere; however, there is substantial

improvement in the axial ratio bandwidth. Factors such as non-

identical patches, finite array size and phase offset error all con-

tribute to limiting the bandwidth. As can be seen in Figure 1, since

the patches are spacially rotated 900, the phase must be offset 90

to compensate for this. This offset is produced by making the path

length 900 longer to one patch than the other. Of course this electrical

offset is 900 only at the center frequency and so at the band edge of

j a single element (as in the above example) there is already a phase

error, thus the ellipses do not add to completely neutralize the axial

ratio. Then as one goes further and further beyond the center frequency

this phase error becomes larger and larger, thereby limiting the axial

ratio bandwidth. Hence this is the manner in which the axial ratio

bandwidth is increased, the impedance bandwidth will be detailed next.
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Figure 3. Microstrip Patch Impedances 90o
Out of Phase
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The improvement in impedance bandwidth can best be shown by an example.

Suppose that one had two microstrip patches each matched to 100 Q

but out of phase by 900. On a Smith Chart these impedances would look

like the following in Figure 3. where the center frequency (f ) crosses

the real axis on the 2:1 circle. Then choosing some arbitrary bandwidth

AF, since the curves are rotated by 900 the low end if the bandwidth is

higher in impedance than 100 Q and capacitance in one case and lower than

100 S1 and inductive in the other. Thus choosing a point on these curves

and adding them in parallel will show that the reactive portions of the

impedance tend to cancel out, thereby increasing the bandwidth (i.e.,

smaller VSWR) over the case when the patches are not 900 out of phase.

If the Fo-AF impedance point on the first curve is Z = 2.2-jO.8 and the

second curve is Z2 = 1.8 + jO.8 then the parallel combination is the

following:

- Z1Z2  (2.2-jO.8)(I.8 + jO.8) = 4.6 + jO.32 (1)
zI +Z 2  2.2-j.08 + 1.8 + jO.8 4

Ztota 1.15 + jO.09

This is very close to the center of the chart where we want to be. Now to

compare this to the case where the impedances are the same (i.e., no

900 phase difference) we have

' Zoa2 (2.2-jO.8)(2.2-jO.8) 4.2-j3.52 (2)

Z It+Z 22.2-jO.8 + 2.2-jO.8 4.4-jl.6
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Z' tota l.l-jO.4

Thus, one can easily see that since the reactive part of Z'total is

much larger than Ztotal that Z'total will have a larger VSWR. In other

words the bandwidth is increased by rotating the patches and then com-

pensating for this spatial rotation by an electrical 900 phase difference.

The axial ratio bandwidth is increased as explained above as is the

VSWR bandwidth by more than a factor of two. So the improved bandwidth

and axial ratio have been detailed; now the actual performance of a

16 x 16 subarray panel will be discussed.

3.0 Subarray Development and Performance

Once one develops a pair of patches as described above, one can quickly

build up to a 16 x 16 element subarray level. First of all, a 2 x 2

must be developed where each patch is 900 out of phase with the ad-

jacent patches. This produces a 00, 900, 1800, 2700 phase rotation

around the 2 x 2 cluster. One needs to be careful to get the sense

of this rotation the same as the polarization sense of the patches

(either right hand or left hand) or else a null will occur at broadside.

Once this 2 x 2 cluster is developed however, another slightly differ-

ent but equivalent 2 x 2 cluster must be made in order to facilitate

the feed lines in the corporate power divider. Finally, once this small

obstacle is overcome it is simply a matter of arraying these 2 x 2

clusters in a straight forward corporate feed manner. A photograph

of a completed subarray is shown in Figure 4. The performance of this

subarray is as follows:

51



.02'



. .. . .. . . . . ... . . ...--. ..-- - - -.. q .. .. .. . . . w - o

Bandwidth 650 MHz or 4.5%
Center Frequency 14.8 GHz
Sidelobe Level >12 dB down from peak of

main beam
Gain 29.0 dBic

A typical VSWR and typical principle plane antenna patterns are shown

in Figures 5, 6, and 7. After the subarray panel design was complete

we then had to make a 4 x 4 array of these subarray panels.

4.0 Full Array Configuration

The complete array is shown in Figure 8. It is made up of a 4 x 4 array

of subarray panels mounted on 0.25 inch honeycomb with 0.005 inch

fiberglass backing. The monopulse tracking antennas arc also shown

and these will be discussed in a later section. Other mechanical

specifications of this array are as follows:

Size <10 lbs
Weigh 51 inches x 51 inchesWght <'2 inches

Thickness

As this antenna is for a space application, weight and volume were

minimized. The feeding structure for each of the subarray panels was

attained using waveguide.

5.0 Waveguide Power Divider/Combiner

Each of the subarray penels in the array were fed through a WR-51

waveguide power divider. A section of the waveguide power divider to

feed 4 subarrays is shown in Figure 9. This four-way waveguide power
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divider consists of the following design. Looking at this as a power

combiner helps in explaining how it works. First of all, (assuming that

the output ports are matched and their impedance is Z0 ) following two

of these outputs back toward the center we see that we have Z in parallel

with Z to give an impedance of Z/2 for the right section of the struc-

ture for example. Of course the left section of the structure will have

the same impedance. Then, because the point where the impedance of the

two arms is Z/2 is 3/4 waveguide wavelength from the center of the

structure (where the two halves meet) this impedance is transformed to

2 Zo. Thus, one has 2 Z in parallel with 2 Z which nets Z and so the

waveguide structure is matched. This is the principle of operation of

the waveguide structure and in practise it works very well over limited

bandwidths ( -10% which was more than ample for this application).

The entire 16 way waveguide feeding structure is shown in Figure 10.

Each subarray panel if fed from the waveguide via a waveguide to coaxial

transition then a coax to microstrip transition to the panels. As the

construction of this waveguide structure was not perfect there were

significant path length differences from the center input to the 16

outputs. The maximum variation was 400 of electrical phase length. Due

to the fact that we had to use coaxial jumpers anyway, this phase error

was compensated for in the length of these cables. Thus, even though

there are many transitions to go through, feeding with waveguide is

definitely less lossy than using microstrip transmission lines for the

entire array. The loss in microstrip would be over 5 dB while the loss
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in the waveguide including the transitions was 1.3 dB. Therefore, the

waveguide feeding structure greatly helped the efficiency of the antenna.

6.0 Final Results

The main goal we had in assembling this antenna was to achieve 40 dBic

gain. We missed this goal slightly as we measured only 34 dBic. We

believe that there is a great deal of room for improvement, however,

especially in the waveguide and the subarray panel efficiencies. All

other goals were met and they were:

Bandwidth 650 MHz on 4.5%
Beamwidth (both plans) 1.00

Sidelobe level >12 dB down from peak of main beam
Weight <10 lbs
Thickness <2 inches

Thus we believe that this program was a success as wd know how to im-

prove the gain and will achieve over 40 dBic on the next iteration.

Also, it should be mentioned that the time frame for this entire project

was 6 months and so we simply did not have time to refine many parameters

that would have increased the gain. The final item to discuss is the

tracking antennas, and this will be done in the next section.

7.0 Ku-Band Tracking Antennas

The tracking scheme for this antenna employed a coarse and fine mono-

pulse sum and difference patterns. There were coarse and fine monopulse

antennas in both the azimuth and elevation planes. The coarse monopulse

antenna consists of an 8 x 8 array of circular polarization microstrip
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patches at a center frequency of 13.725 GHz. There is a circular 1800

hybrid in the center feeding each half of the antenna where the other

ports are the sum and difference outputs. The 1800 hybrid was etched

on the same material as the antenna. The coarse tracking was capable

of pointing the beam to within +50. Since the beamwidth of the main

antenna is only 1 a finer tracking system is also necessary. The

fine tracking antenna consists of an 8 x 32 array of circular polarized

patches with a circular 1800 hybrid in the center. Due to the fact

that we did not have a piece of material long enough to etch this entire

array on, it had to be done in two pieces. Thus even though the 1800

hybrid is printed on one of the boards, the connections are made by

coaxial cable from "behind". The fine tracking antenna is capable of

pointing the beam to within +0.10. Therefore when the coarse tracking

antennas point the aperture to within +5o then the fine tracking antennas

take over and point the beam to within +0.10 which is entirely adequate

for a 10 beamwidth.

8.0 S-Band TDRSS Antenna

This antenna will perform the same function as the Ku-band antenna;

however at a much lower frequency and data rate. The antenna consists

of dual polarized circular microstrip patches etched on .031 inch

teflon-fiberglass interlaced with linear polarized series fed microstrip

patches as shown in Figure 11. The circular dual polarized patches are
series fed also and the input to each column is from a 90 hybrid in the

center of the column. Thus dual circular polarization is achieved with
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these columns. RHCP from one port of the 900 hybrid and LHCP from the

other port. These columns consistute the data link aperture and are

fed from "behind" with a corporate feed network as shown in Figure 12.

The command link columns are interlaced with the data link columns and

due to the fact that the frequencies are fairly close together

(fo = 2.2875 GHz for the data link and fo = 2.1064 GHz for the command

link) there are no grating lobes or other spacing related problems.

These columns are also fed from the "back" with a corporate power divi-

der. The specifications that this antenna will meet are the following:

gain 28 dBic
axial ratio 1 dB
bandwidth (data link) + 20 MHz
VSWR <2: 1
size 4 ft x 4 ft
thickness <2.0 inches
weight 712.0 lbs

9.0 Conclusion

A high gain Ku-band antenna has been developed for use in the TDRS

system that has increased bandwidth due to patch rotation. This in-

creased both the VSWR and axial ratio bandwidth more than twofold.

The overall structure is lightweight and occupies minimum volume as the

antenna is for a space application. Also, a new S-band antenna has been

developed for the same system. This antenna, too, is lightweight and

occupies minimum volume due to its space application nature. Therefore,

the two high gain planar array microstrip antennas developed at Ball

Aerospace are ready to be included into the TDRS system.
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Abstract

Grids loaded with diodes are attractive because they
are suitable for monolithic integration with
gallium-arsenide and for high-power operation. Here we
present grid designs for electronic beam-steering and
harmonic generation. The beam-steering grid is a
programmable reflector, where the diode bias controls the
phase shift of the reflection. The variation of the phase
across the aperture sets the direction of the reflected
beam. The reflection loss in computer simulations is 3dB at
90GHz. The harmonic-generating grid acts as a nonlinear
reactive surface, where the nonlinear capacitance of the
diodes produces the harmonic frequencies. Quasi-optical
filters select the desired harmonic. Computer simulations
predict that a 65GHz-to-130GHz doubler would have an output
power of 0.56W/cm2 and a conversion efficiency of 35%.

1. Introduction

Periodic grids have many applications in infrared and
millimeter waves (1],[2],[3]. Additional interesting
applications become possible when solid-state devices are
added to the grids. Tong et al. demonstrated a
two-dimensional tracking array with microbolometers [4]. In
this paper, we propose a varactor-diode grid that can be
used in an electronically programmable beam-steering array
at 90GHz or in a 65GHz-to-130GHz doubler.

67



-- -- ---- - - -

In the beam-steering array
(Fig. 1), the incident beam
reflects off a pair of
varactor-diode grids. The
idea to steer the beam is to
progressively shift the
phase across the aperture. Reflec:e
Changing the bias changes bean
the grid reactance, and this Incident beam
controls the reflection
phase. No transmission lines -iode gids
or waveguides are required, Metalmstn lc
and this makes the design
and fabrication simpler.
Since the power is
distributed among all the Fig. 1 Electronically
diodes, the power handling programmable beam-steering
capability can be quite high. array.

In the doubler (Fig. 2).
power at the fundamental 0utpu t
frequency enters from the HR I armonic
left, through a filter \
that passes the
fundamental, but blocks Op,,

the second harmonic. The Filter
power then arrives at the Diode
varactor-diode grid, and Input tid
the non-linear Fillera Iu

capacitance of the diodes
generates harmonics. The Fig. 2 Varactor-diode doubler
second harmonic leaves on grid.
the right, through another
filter that blocks the fundamental. This approach overcomes
the power limitations of a single-diode multiplier because
power is distributed among many diodes.

2. Periodic grids

The grid for these designs, shown in Fig. 3, is a square
mesh of metal strips on a gallium-arsenide substrate. The
diodes are located on the vertical strips. The horizontal
strips provide the bias, but should not otherwise affect the
circuit. We model the grids by transmission-line equivalent
circuits. The grid reactance. iX, is represented by an
inductive reactance in series with the diode. The substrate
appears as a section of transmission line with a
characteristic impedance equal to the wave impedance in the
material.
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Fig. 3 Grid dimensions for a 90-GHz programmable reflector.

The inductance can be calculated by a conformal
mapping [51, and is given by

L = goa/(2n) lnfcsc[nw/(2a)]), (1)

where a is the grid period and w is the strip width. This
formula is derived from statics. Higher order corrections
have been considered for our design. They are less than
10%, and have been neglected.

The period a should be chosen somewhat smaller than a
substrate wavelength to avoid exciting substrate modes.
This means the period should satisfy

a < o/(n+l), (2)

where n is the refractive index of the substrate. For
gallium-arsenide substrate, which has a refractive index
of 3.52, the period a should be less than 0.22X o .

3. Electronic beam steering

The reflector design (Fig. 1), consists of a fused-quartz
cover, two diode grids, and a metal mirror. The quartz cover
acts as a quarter-wave matching layer. The metal mirror
prevent radiation from escaping and serves as a heat sink and
mechanical support.

In the transmission-line equivalent circuit model, the
mirror is effectively an open-circuit. because it is a
quarter-wavelength behind the back grid. At the front grid,
the back grid appears as a parallel load, but with the
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impedance inverted. The total normalized reactance Xt is
the parallel combination of jX and 1/(jX). or

Xt - X/(1-X2 ). (3)

Xt ranges from -- as X approaches -1. to +- as X
approaches +1. This allows a full 3600 phase shift.

To analyze the grid structures, together with the
substrate, dielectric slabs, and mirrors. we have written
an interactive graphics program called TRAP (transmission,
reflection. absorption. and phase) to calculate the effect
of different layers.

Fig. 4 shows a simulation of Win wito V)
the programmable reflector. _5 -4 -, -2 -_,0

The phase variation is almost

linear from -1800 to +1800 V.

as the grid reactance sweeps .-
from a normalized reactance - -0
of -1 to +1 (-1070 to +1070 04
for GaAs substrate). The
reflection efficiency varies
from a low of 0.49 to a high , , Lowtan°-100 -SO 0 50 o
of 0.57, with an average
loss of 2.7dB. For TE Ttalgri.a

polarized waves, the best
performance is at an angle Fig. 4 Simulated results of
of incidence 300 to 450 .  programmable reflector.

Preliminary test of one diode grid shows a 20 phase shift
per volt. This result is obtained from modulating 3 rows
of Schottky diodes in the Michaelson interferometer.

4. Doubler

In the multiplier design (Fig.2). the proposed filters
consist of a wire polarizing grid with a half-wave plate
designed for the fundamental. The half-wave plate
separates the fundamental from the second harmonic because
it rotates the fundamental polarization by 900. but does
not alter the second harmonic polarization. This allows
the polarizing grid to select the desired frequency.

Recently Siegel et al [63 have written a program to

calculate the conversion efficiency of a multiplier, and we
have used this program in the design. Fig. 5 shows the
equivalent circuits of the multiplier. It is assumed that
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the input and output polarizers can be place so that they
do not affect the circuit at either frequencies. In the
fundamental circuit (Fig. 5a), the grid impedance is the
sum of the lead reactance. 1050 and diode impedance 40-
J2250. The breakdown voltage is taken to be -5V. and this
limits the input power to 4mW. In the second-harmonic
circuit (Fig. 5b), the lead reactance doubles and the
capacitive reactance of the diode halfes. The output
power of a single diode is 1.4mW. For a grid with 400
diodes per square centimeter, the output power is
0.56W/cm2. We plan to tune the fundamental source
impedance ZS and the harmonic load impedance ZL with
fused-quartz plate tuners developed by Archer [7]. With
these tuners, we can match a VSWR of Er2. where Er is the
dielectric constant of the plate. For fused-quartz the
VSWR is about 15.

4mW 1.4mW
J 210 t

z8 j 105ft jllOA
V 2 40- J 225n ZN

1o) (b)
Fig. 5 (a) Input equivalent circuit at 65 GHz, (b) Output

equivalent circuit at 130 GHz.
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DESIGN OF A TILTED BEAM WAYEGUIDE PLANAR ARRAY

John M. Wachsman
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1. ABSTRACT

The purpose of this paper is to discuss the general design of

a standing wave planar array with the main beam tilted in the E-

plane at 00 off broadside. A brief discussion of beamtilt theory

will precede the derivation of the design equations. This will be

* followed by the procedure used to achieve the proper slot

dimensions from the desired excitations and design equations.

Finally, a comparison between theoretical and measured patterns on

a Ku band array will be shown.

2. INTRODUCTION

Waveguide arrays have been used to create radiation patterns

of narrow beams, shaped beams, and tilted or scanned beams. The

desired radiation pattern is dependent on amplitude and phase

distribution across the aperture. Achieving the desired amplitude

and phase distribution with radiating slots (longitudinal slots in
1P 9 U7



the broad wall) is common practice, however, the problem becomes

more complex when a non-resonant distribution is to be determined

by the feed slots (series-series slots), the second layer in a two

dimensional array. This is because the loading on these slots is

the radiating guides rather than free space. This paper will

address a tilted beam but the theory is applicable to achieve any

desired voltage amplitude and phase variation.

3. BASIC BEAMTILT THEORY

In order to tilt the mainbeam of an array, it is necessary to

create a linear phase slope across the front of the array. The

amount of phase slope is related to the amount of beam tilt. In

general, the array will consist of elements with a desired ampli-

tude distribution and a progressive phase shift between elements

as depicted below.

VoeJO View0  V2e 2  V3e 130 Vne n¢0

Figure 1. Linear Array
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It can be shown that the direction of the mainbeam, %, is

related to the differential phase, *, between adjacent elements by

eo= sin- -) (1)

where 8 = 2wI°

Xo = freespace wavelength

d = interelement spacing

4. DESIGN OF WAVEGUIDE ARRAY

To tilt the main beam in the E-plane of a waveguide array,

drawn in Figure 2, it is necessary to create a diff-rential phase,

*, between adjacent feed slots. Possible ways of doing this

w ,, RADIATING PLATE

VERTICALWALL - FEE D SLOT

BACK INPUT SLOT

PLATE

Ae
INPUT FOLDED SHORT

FEED WAVEGU IDE

Figure 2. Two Dimensional Waveguide Array
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are: (a) line lengths between feed slots other than Xg/2, (b)

dielectric blocks between feed slots and (c) non-resonant feed

slots. Solution (a) will create a non-uniform interelement

spacing, and the overall design method is no longer valid.

Solution (b) is generally not feasible because there is not enough

room between the feed slots. Therefore, solution (c) is the most

practical. The general limitations of using nonresonant slots is

that empirical data reveals the maximum realizable phase shift is

-t60* (see Figure 3). Therefore, there is an unrealizable zone in

4 the phaser space as depicted in Figure 4.

60+120 so +W0

\N "\M

30

-20.

9 92 94 96 90 I 102 104 106 106

{/f

Figure 3 Feed Slot Phase Figure 4. Phaser Space
vs Frequency

*, 76



It is essential that any design using this approach does not

have any slot phases between 60° and 1200 or -600 and -1200 as

there is significant pattern degradation when unrealizable phases

are used. Note that angles from +1200 to -120' are achieved by
changing the slot orientation thus creating an extra 1800, i.e.,

-140' is realized by designing a +400 slot and changing its

orientation in the feedguide as depicted in Figure 5.

SLOTS

2"/ /
3 7 /

CHANGES PHASE
BY 1800

STANDARD CREATt 1800

PATTERN PHASE CHANGE

OF BOTTOM
SLOT

Figure 5. Creating a Phase Between +1200 and -120'

The design process requires determination of the angle and

length of the feed slots. Therefore, an expression between

desired voltage amplitude and phase and angle and length must be

achieved. The voltage amplitude and phase of the feed slot is

derived as a function of the slot coupling values m and a.
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The in and a terms are related to resonant resistance and frequency

which are empirically linked to angle and length. To accomplish

this, the following circuit shown in Figure 6 is used.

12 12 12/2, 10/2 13 3/a
- -a Y2.3 I 2.2 u I 1 -- i RADIATING

WAVEGUIDE

FEED

_______[ WAVEGUIDE

10
INPUT/OUTPUT

WAVEGUIDE

Figure 6. Waveguide Array Schematic

xg = guide wavelength

Yk,n = admittance of the nth radiating slot in the kth row

mk = coupling factor of the kth feed slot

ak = phase term associated with the kth feed slot

Ino  = coupling factor of the input slot

ao = phase term associated with the input slot
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For this derivation, the following assumptions are made.

1) The end radiating slots are Xg/ 4 from the short, the inner

radiating slots are Xg/4 from the feed slot, and all adjacent

radiating slots are Ag/2 apart.

2) All radiating slots are resonant.

3) The end feed slots are Xg/2 from the short the minor feed

slots are Xg/4 from the input slot, and adjacent feed slots

are Xg/2 apart.

With these assumptions, the circuit shown in Figure 7 can be

used to determine the transformed input impedance of a radiating

guide through the kth feed slot.

'FK f:a

IRK

~Figure 7. Single Feed Slot Loaded By Radiating Waveguide
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N
where ZL = I Gk n  (Ykn = Gkn Assumption 2)

mk,ok = coupling terms of the kth feed slot

IFk = feedguide current through kth feed slot

I Rk= radiating current through the kth radiating guide

Rkh
/

ZTK= transformed impedance through the kth feed slot

A desired Vk and ok is necessary to obtain the beamtilt.

Therefore, a relationship between Vk and k and mk and ok must be

found. Hence the kth feed slot will be investigated and the k

subscript dropped.

Watson's series-series coupling law I will be used.

1 + m + (2)

It can be shown that the ratio of the radiating current IR, to

feed guide current is

IRI - m - (3)
F *L
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and X

L LT (4)

~XT (5)

where RT =the real part of ZT

XT =the imaginary part of ZT

The desired voltage excitation, V, is given by

V = IRZL 
(6)

substituting (2) into (5) yields

M2 + 2 IFZ (7
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Therefore, the phase of V, *V is

V = tan--- -  (8)

and the magnitude of V is

iv - m -2 IIF1 IZLI (9)

ti2 + a 2 L

substituting (4), (5) into (8) yields

,IIv= LZT IIFI (10)

[n general, lIFI, can be written

Vo

IF1 = K (11)

I Z (RT + JXT)I
i i1 1

where
K
I (RT. + X ) = magnitude of the total transformed
i= 1

impedance on one side of the input

slot.

Vo = voltage impressed on the feedguide from the input slot
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Figure 8 illustrates the circuit used to determine the feedguide

current.

Figure 8. Impressed Input Voltage on Feedguide

Therefore, from (4)(5) and (8)

-1(L) - T

= tan- 1( --L -)  = tan -1 ( ) (12)

K (13)

I (Rti + JXt) I
i=1 1 1

So, in general, for given ZL, one has 2K equations and 2K

unknowns with K being the number of feed slots on one side of the

input. A computer program was written to solve these equations

for XT and RT. These terms yield an m and a according to (4)
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and (5). This program computes the resonant resistances, Ro's,

and the normalized frequencies f/fois for the computed m's and

a's. The Ro's and f/fo's can then be correlated to the physical

dimensions of the slot as shown in Figure 9.

It is important to note that the feedguide ,jrrent, IF, has a

phase associated with it, (see Equation 10.) This current phase

will not, in general, be the same above and below the input slot.

Therefore, a phase correction using the input slot location will

be necessary. Also, if the array is subdivided into subapertures

(modules), the phase from module to module may have to be

corrected so that there is a continuous phase slope across the

face of the array.

%020 940 9SO 060 no0

Figure 9. Resonant Resistance for +450 Phase
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5. EXPERIMENTAL RESULTS

A 10 module linear 2.5% bandwidth Ku-band array, shown in

Figure 10, was designed and fabricated. Each module has 4 feed

slots with 6 radiating slots in each row. The phase shift between

adjacent slots was chosen to be 9Q0 which relates to a beam tilt

of 220 off of boresight.

The desired voltage phases were chosen to be +450, -.450,

-1350, +1350 for each module. This made the modules similar and

the phases remained continuous from module to module. A 31dB n=5

linear Taylor distribution was utilized in the design.

A comparison between the computed and the measured patterns

is shown in Figure 11. The computed pattern contains the measured

parameters of the corporate feed.

Roth the computed and measured patterns show an error lobe

appearing at the image angle of the array. This is due to a two-

slot periodic amplitude error that occurs off center frequency.

At the high (low) frequency the +45' R0 increases (decreases)

while the -45' R0 decreases (increases). The error lobe at center

frequency appears because the shorts in the radiating guide were

not X/4 from the end slot. The shorts were moved in .010 to

simulate a .020 wall between modules. A grading lobe appeared at

00 due to higher order mode coupling and was compensated for in

this experiment.
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Figure 10. 10 Module Array
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6. SUMMARY

It has been shown that it is possible to achieve a tilted

beam in the E-plane using non-resonant feed slots. The critical

parameters are the inclination and length of the feed slots. A

designer must ensure that the desired phase of any element is

within the realizable region of a non-resonant feed slot.

Corrections must be made in both input slot location and corporate

feed phase in order to obtain a linear phase slope across the

front of the array.
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RESONANT MICROSTRIP DIPOLE ARRAYS

Jeffrey Lane, Norbert Sa, and John Toth
Raytheon Company, Missile Systems Division

Bedford, Massachusetts 01730

ABSTRACT

In the 1984 Antenna Applications Symposium, a paper presented

by W. Miccioli discussed the development of a microstrip radiating

aperture utilizing Electromagnetically Coupled (EMC) microstrip di-

pole radiators fed by a resonant feed configuration This paper

describes the continuation of that effort, and several new features

are discussed. A rigorous analytical model of the dipole radiating

.i. #.$. element above a grounded dielectric slab has been developed. Theo-

retical and measured radiation pattern characteristics are presented

which indicate the excellent validity of the model. In addition, a

technique for obtaining broadband array performance will be reviewed and

measured data will be presented illustrating the 10% bandwidth achieved.

1.0 INTRODUCTION

The basic microstrip antenna configuration of interest first

presented by W. Miccioli consists of several resonant linear arrays

* of half wavelength dipoles, as shown in Figure 1, used in conjunc-

tion with a power division network to develop each quadrant of a micro-

-strip monopulse array. The first dipole in Figure 1 is located at the

voltage maximum that occurs one half dielectric wavelength from the

open circuit end of feed. Successive dipoles may be located at
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wavelength intervals to obtain broadside radiation. Broadside

radiation can also be obtained by positioning the dipoles at half

wavelength intervals with alternate dipoles on opposite sides of

the imbedded feed line.

W. Miccioli also discussed the idea of "stacking" dipoles to

achieve added bandwidth. Figure 2 shows a cross-sectional view of

this stacked configuration. Radiation efficiency and bandwidth of

the microstrip antenna increase with dipole height above the ground

plane. Because of this, the upper dipole is positioned at roughly

five times the height of the feed line. The lower dipole is kept

relatively close to the feed to maximize coupling.

Recently, a nonstacked microstrip dipole electromagnetically

coupled to a parallel feed was analyzed2 . The method of potentials

was used to calculate the Green's function pertaining to current

flow in only one direction. Since in the configuration considered

herein there is current flow in two directions (dipole and feed), the

Green's function for sources in both directions is required. There-

fore, the dyadic Green's function technique which gives the Green's

function (G) for an arbitrarily directed source has been used in

this paper.

2.0 DIPOLE ANALYTIC MODEL

An arbitrarily directed current source placed above an infinite

grounded dielectric slab is shown in Figure 3. Equations I and 2I are the wave equations that govern the fields above and inside the

dielectric. Solving for these fields is facilitated by letting the
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source term become the delta function or unit source where the Green's

function is, by definition, the electric field due to a unit source

(Equations 3 and 4).

Applying the Dirichlet and Neumann conditions to tangential E

and H at the interface and setting tangential E to zero at the conduc-

tor, a solution for G is obtained (Figure 4). The total electric field

in regions 1 or 2 is derived by integrating G over the dipole current

distribution (Equation 5). For the purpose of obtaining far field

equation, the asymptotic form of the Green's function is derived by

applying the saddle point integration technique. Since the far field

is stationary about the antenna current distribution, the Green's

function is multiplied by the Fourier transform of an assumed current.

The resulting normalized electric field is given by Equation 6.

In Equation 6, the first two terms are the Fourier transforms of

the uniform current distribution along the width and half sinusoidal

current distribution along the length of the dipole, respectively. In

the third term a(e) and b(O) are determined by the boundary conditions

of the particular geometry. Sinq multiplying the 0 component and cos4

multiplying the 0 component are due to the current chosen to be x-

directed. K and K 2 are the propagation constants for regions 1 and

2, respectively.

It is interesting to note that if you let the dielectric constant

of region 2 equal that of air, then K1 = K2P a(9) = -1, b(O) = 1, and

Equation 6 reduces to the well known expression for a horizontal

current source above an infinite ground plane.
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3.0 ANALYTIC MODEL VALIDATION

A single element microstrip dipole was fabricated to compare

measured and numerical results. The lower board, which contains

the feed line, is .015 inch Duroid and the upper board is .031

inch Duroid. Both layers have a dielectric constant of 2.2.

Measured return loss in dB vs normalized frequency for this dipole

is shown in Figure 5. It has a -10 dB bandwidth of 3.2 percent,

which is typical for single layer microstrip dipoles. A polar plot

of the H-plane radiation pattern of the antenna is shown in Figure 6.

Agreement between the measured and predicted results is excellent.

The asymmetry in the measured pattern from 60 to 90 degrees is due

to reflections in the anechoic chamber. Figure 7 is a polar plot

of the measured and calculated E-plane radiation pattern. Again,

there is excellent agreement between the two curves. Ripples in

the E-plane pattern are due to scattering off the edges of the

ground plane.

A five-element resonant dipole array was constructed to

examine dipole performance in a linear array configuration. The

dipoles are positioned over voltage maxima of the feed line approx-

,* imately one wavelength apart, as shown in Figure 8, so that broadside

radiation is obtained. Figure 8 shows a plot of the meaxured vs

calculated H-plane pattern for a five-element resonant dipole array.
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The calculated plot shows good agreement with the measured plot data

from broadside to 60 degrees, and even at large scan angles the cal-

culated plot provides an average of the asymmetrical sidelobes.

Mutual coupling between dipoles was not taken into account in the

calculations, but the measured data suggests that their effects are

small.

4.0 MICROSTRIP ARRAY BANDWIDTH

The ultimate application o' the EMC dipole radiator is the de-

velopment of a complete moderate bandwidth (lO%) planar microstrip

array aperture. An overlay of the microstrip aperture artwork

is shown in Figure 9. To obtain a monopulse configuration, the full

array is divided into quadrants. Each quadrant, which is independent-

ly fed by its own power divider network, is made up of two and three

element linear sub-arrays.

Initial array development concentrated on a single layer of EMC

dipoles over the microstrip power divider feed, resulting in

structures constrained to a few percent bandwidth. The addition

of a second layer of dipoles separated in height and aligned with

the first set could improve the array bandwidth characteristics. It

was discovered that the bandwidth of the linear array structure in-

creased as the height of the upper dipole in Figure 2 was increased.

The lower dipole must remain relatively close to the feed line in

order to obtain a satisfactory impedance match for a given dipole-

feed overlap. Radiation by the feed itself is minimized by placing

it near the ground plane.
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During the present investigation, optimization of the double

stacked dipole bandwidth was addressed experimentally. Various

combinations of dipole to feed and dipole to dipole separation were

tested. A plot of the best return loss data for a three-element

linear arry is shown in Figure 10. As indicated, a 10% 2:1 VSWR

bandwidth (-lOdB return loss) was achieved. Similar results were

obtained for the required two-element linear array. A plot of the

measured and theoretical H-plane pattern for the three-element

linear array is shown in Figure 11. The sidelobe level of the

measured pattern is within .5dB of the theoretical pattern.

5.0 CONCLUSIONS

The analytical tools used in the past did not adequately model

the element pattern of the EMC microstrip dipole. Previous models

deviated from the actual measured data at large angles (between 600

and 900) from broadside. The predicted results presented here show

a very close correlation to measured results for the single element.

This improvemen~t in the single element model leads to corresponding

improvements in multi-element array analytical results. The closed

form far field element pattern expression developed should provide

a convenient means for more accurate prediction of large arrays.

The bandwidth of low profile microstrip radiators has always

presented problems, both from an individual radiator consideration

and also when considering the phase dispersive effects in resonant

arrays. These latter effects will always be present when resonant

arrays become large and must be handled by the overall feed design of
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the array in question. Maximizing the bandwidth of individual radia-

tors will aid in reducing the magnitude of the overall problem. The

results obtained for multielement linear arrays indicate that the

bandwidth can be increased from about three to ten percent. This

4 greatly increases the applicability of this type of radiator.
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ABSTRACT

Several methods are presented for obtaining broadband

performance from lowrprofile radiating structures.

Computer-aided design can produce reactive matching networks that

increase the theoretical impedance bandwidth of center-fed

cavity-backed slot (CBS) antennas from a few percent to 30% or

more. Attempts to achieve these results in practice fall

somewhat short due to differences between the physical network

and the theoretical model. Putting several CBS elements, even

though high-Q, into a log-periodic array with a sufficiently high

value of scaling factor can produce wideband performance in both

impedance and patterns. A logarithmic spiral arm over a closely

spaced conducting surface (operating as a radiating line) also

displays wideband impedance. Single beam, circularly polarized

patterns are obtained with this log-spiral transmission line

antenna. A log-periodic zigzag slot in a wedge-shaped conducting

surface produces linearly polarized radiation that is

unidirectional when absorber is placed inside the wedge.
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1. INTRODUCTION

Some systems require, others are simplified by, the use of

radiating elements that do not protrude beyond a prescribed

structural surface. Available space and/or economics may also

constrain the radiators from extending much below the surface.

Such low-profile radiating elements generally take the form of

either microstrip patches on a thin substrate or cavityr-backed

slots with very thin cavities. In either case, it is found that

a single element displays a very narrow bandwidth due to resonant

behavior. Nevertheless, these low-profile elements, especially

the patch radiators, have found widespread application due to

their simplicity, ease of construction, and light weight.

Because of the ever-increasing demand for greater system

bandwidth, it is highly desirable to develop radiators that

overcome the bandwidth limitations typical of these high-Q

resonators, and yet retain the advantages of low-profile

construction. Several promising approaches to obtaining

increased bandwidth from low-profile radiators are presented

here.

The impedance bandwidth of any lossy resonant device can be

increased by adding a reactive network at its terminals. A

method of designing such a network for a cavity-backed slot (CBS)

shows theoretical promise, but practical difficulties. However,

using multiple CBS elements, even high-Q ones, in a log-periodic

array can produce near-constant impedance over a much wider
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bandwidth than for an individual CBS element. Of course,

increased directivity and gain that change little with frequency

are also obtained with the LPCBS array.

Equiangular spirals in free space are well known to have

theoretically unlimited impedance and pattern bandwidths.

However, cavity-backed spirals do not retain the free-space

characteristics. Achieving even wideband performance from

cavity-backed spirals usually entails putting microwave absorber

in the cavity and accepting the resulting loss in gain. It is

shown here that a single equiangular spiral arm backed by a

closely spaced conducting surface displays a very wide impedance

bandwidth that is indicative of non-resonant performance.

Non-resonant behavior can also be expected from a

transmission medium with periodic or log-periodic undulations

that produce fast-wave terms in the space spectrum of the near

field. Examples are the log-periodic zigzag (LPZZ) wire or strip

antennas. An electromagnetic dual of the LPZZ can be

constructed by using a slot line in a large ground plane.

Broadband impedance is observed regardless of the angle between

the two halves of the LPZZ slot antenna. However, since

unidirectional radiation does not result for small included

angles of the wedge,-shaped ground surface, best patterns have

been obtained when microwave absorber is plaoed in the interior

of the wedge.
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2. BROADBAND IMPEDANCE-MATCHING NETWORKS FOR CBS ELEMENTS

Construction and testing of external matching networks for

cavity-backed slots are greatly simplified by using microstrip

feeder to excite the slot. A typical two-port CBS antenna is

shown in Figure 1. Although the cavity shown there is relatively

deep (0.675-in), similar results can be obtained with shallower

ones. Using the two-port feed allows one to evaluate the element

for use in a series-fed array. The feed can be readily converted

to one-port by shorting the microstrip to the ground plane on the

side of the slot opposite the generator. Feeding the slot

directly in the center presents a worst-case condition with

respect to matching to 50-ohms since the slot impedance at

resonance is very much higher (425 ohms). Center feed guarantees

symmetry of the radiation patterns about the vertical plane

through the center.

The design of a broadband matching network follows the

theory of bandpass filters except for the difference in level of

the input and output resistances. In the vicinity of the first

resonance, the slot impedance varies as that of a shunt resonant

circuit. The matching network for such a load involves coupled

quarter-wave sections of line 3. If the input and output

re3istances were equal, the coupled sections would be

symmetrical; data for the design of such sections in microstrip

are available in the literature. However, since the resistances

are not equal, the required coupled sections are asymmetrical.
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An extensive search of the literature failed to produce design

equations for asymmetrical coupled sections in microstrip.

However, the shunt resonance can be changed into a series

resonance by using a uniform section of line that is

approximately one-quarter wavelength long at the resonant

frequency of the slot. This section can also be used to

substantially lower the resistance that must be matched to 50

ohms. The matching network for a series resonant load involves

only shorted stubs and it is thus easy to realize in ticrostrip.

The form of the matching network for four resonators (N=14) is

shon i Fiure2b her ZA represents the impedance of the slot

after transformation through the quarter-wave section.

If the CBS impedance locus conformed exactly t' a series

resonant circuit, design equations in the literature would yield

a good result. However, the deviations from the ideal impedance

will cause less than optimal performance from the network so

designed. Hence, only the form of the matching network was taken

from the published design procedure3 and the actual element

values were determined by using a computer to minimize the

magnitude of S 11over the desired operating band. Figure 3 shows

the behavior of three different matching networks. Case A simply

uses two quarter-wave transformers in cascade to bring the

resistance level close to 50 ohms at the resonant frequency (1.1

GHz) of the slot. The limited bandwidth obtained in this way is

obvious and it is presented primarily for comparison purposes.
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Cases B and C show the results obtained from a network with N=3

designed to operate over a 30% bandwidth. These two cases differ

in that a weighting factor was applied in Case C to emphasize the

error in the desired value of S11 at resonance. This was needed

to equalize the minima for the case N=3.

The theoretical performance of the matching network displays

significant increase in the impedance bandwidth of a single CBS

antenna. However, any practical realization of this network will

deviate somewhat from the theoretical representation due to

errors in construction and modeling. Figure 4 shows measurements

made on three different matching networks designed according to

the foregoing procedure with no trimming to attempt to achieve

the theoretical performance. Note that the frequency of best

match is shifted. This indicates that the theoretical stub

lengths were not achieved. Note also that the match deteriorates

progressively away from resonance, not displaying the multiple

minima for S11 that are characteristic of the theoretical

performance of the designed network. This indicates that the

network will require more precise modeling to accomplish the

theoretical performance.

3. A LOGrPEHIODIC ARRAY OF CAVITY.BACKED SLOTS

The success of log-periodic dipole arrays indicates that it

is pos3ible to combine several resonant elements in a structure

that has wideband impedance and patterns4 ,5 . However, the

higher the Q of each element, the higher the value the scale
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factor T must be to achieve a given level of frequency

independent performance. It is therefore expected that an array

of CBS elements with very shallow cavities will require a rather

high value of t (close to unity). Furthermore, since it would

be inconvenient to scale the cavity depth from element to

element, it may be necessary to modify the value of T along the

structure in order to compensate for the changing Q of the

elements. Figure 5 shows a top view of a modified LPCBL array

having only four elements. The value of T is taken equal to 0.94

for the first two elements and equal to 0.92 for the remainder.

This antenna was constructed from double-clad Rexolite 2200

(relative permittivity of 2.6) substrate 0.125-in thick. The

wails of the cavities were formed by placing screws at 0.5-in

intervals around the largest cavity and at correspondingly

smaller spacings for the other cavities.

The MLPCBS antenna of Figure 5 was excited by a meandering

microstrip like that shown in Figure 6. The excess line between

adjacent cavities is required to produce backfire phasing of the

active region. Figure 7 shows azimuthal radiation patterns

illustrating that a backfire beam is indeed obtained over a

bandwidth that is consistent with the small number of elements on

this antenna. Although the front-to-back ratio remains almost

constant from below 1 GHz to above 1.1 GHz, the particular

parameter: of this antenna may not represent those that produce

the best obtainable value. Figure 8 shuw:., the $ S measured for
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an MLPCBS antenna illustrating reasonable impedance performance

over the aforementioned band. Values of S11 below 1 GHz are

affected by the matched load placed on the end of the feeder.

This is illustrated by the measured values of S21 shown in Figure

9.

4. LOG-SPIRAL TRANSMISSION LINE ANTENNAS

To achieve more nearly frequency-independent performance

from cavity-backed spirals, a fundamentally different mode of

operation has been studied. Rather than exciting one spiral arm

against another as is customarily done, one or more spiral arms

have been excited against a closely spaced conducting surface.

Figure 10 shows the outline of a slot cut in a conducting plane

using two eqiiiangular spirals to form the edges of the slot.

Near the small end of this structure a single arm of a spiral

* ondutor can be excited as the continuation of a TEM mode

transmission line. Figure 11 shows the details of feeding the

spiral arm against a closely spaced conducting plane using a

coaxial cable. The spiral arm can be a considered to be a strip

transmission line that has curvature and expanding width. Early

measurements confirmed that this line is capable of radiating

enough energy so that its termination at sufficient distance from

the feedpoint does not affect the impedance observed at the

feedpoint. This elimination of the large-end truncation effect

is, of course, essential in achieving frequency-independent

performance from a structure with finite size. Elimination of
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the truncation effect was also established by measuring S 11 over

an extended frequency band and the results are shown in Figure

12. Although some truncation effect is apparent near 1 Gliz, the

locus quickly converges to a rather compact region at higher

frequencies. However, there is a pronounced tendency for the

center of the impedance locus to move down the real axis as the

frequency is increased. Near-field measurements were made by

inserting a small probe through the conducting surface behind the

spiral arm. Although these measurements confirmed that the field

was small at the large end of the spiral at the higher

frequencies, the variation with distance from the feedpoint was

not the simple exponential that had been observed and computed

earlier for two-arm, balanced spirals in free space.

Modifications of the antenna were made to conform more

closely to the theoretically ideal self-scaling structure.

First, the spiral arm was pulled away from the conducting

backplane at the large end, thus making the spiral coincide more

*closely to a conical surface. Near-field measurements on this

structure do display an exponential law for decay. They also

indicate that the field along one edge of the 31piral arm is much

larger than that along the other edge and that the wavc along the

edge with the larger field has phase velocity that is greater

'a'. than the intrinsic value for free space. The measured values of

S 1,although compact over relatively wide bands, again disptay a

path which wanders over the Smith Chart as shown in Figure 13.
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Recent modifications in the antenna have included using a planar

spiral arm backed by a closely spaced conical conducting surface.

Attention to the details of the feedpoint region is very

important in the achievement of a tight impedance locus over a

very wide band. Figure 14 shows the results that have been

obtained using a 0.085-in diameter coaxial cable to feed a

log-spiral transmission line antenna that starts with zero

curvature at the feedpoint. In this case, the transition to

log-spiral geometry takes place rather quickly, about 1-in from

the feedpoint. Antennas with less abrupt transitions are under

investigation.

The one-arm spiral antenna produces a single beam. The

pattern is nearly circularly polarized over most of the beam.

Figures 15-17 show patterns measured with a spinning dipole to

illustrate the polarization as a function of elevation angle.

Four cuts at different azimuth angles are shown for each

frequency. Asymmetries present in these patterns are believed to

be associated with the rather slow rate of spiral used in this

antenna (a=0.2). Work is also currently underway to test spirals

with tighter wrap.

5. A LOG-PFIRIODIC ZIGZAG SLOT ANTENNA

Log-periodic zigzag wires and strips have long been known to

produce frequency-independent performance-. A typical LPZZ strip

antenna is shown in Figure 18. The parameters of this antenna

are the angle a which defines the extremities of the conductors,
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the angle 0 which defines the width of the strip, and the angle Y

between the planes of the conductors. The conversion of this

geometry to a zigzag slot is illustrated in Figure 19.

Excitation across the gap at the small end produces a traveling

wave along the slot in a manner similar to the traveling wave

that is excited by placing a generator between the tips of the

strips in Figure 18. Figure 20 shows measured values of S 11for

'4 an LPZZ slot antenna with the parameters given in Figure 19.

Once again, the compact locus indicates the absence of large-end

truncation effects. Unlike that of the LPZZ strip, however, the

median value of impedance, approximately 80 ohms, is not

influenced by the angle between the two sides of' the wedge-shaped

conducting surface. This is due to the basic difference in field

configuration for the slot antenna in that the electric field is

developed between the edges of the 3lot, and not between the two

sides of the wedge.

The aforementioned differences in fields between the LPZZ

* strip and slot antennas also cause differences in pattern

performance. Whereas unidirectional patterns are obtained from

LPZZ strip antennas with small wedge angles, such is not the case

with the [.PZZ slot. The unidirectional patterns shown in Figure

~ 21 were obtained by placing absorber within the wedge.

6. CONCLUSIONS

Several techniques that show promise for producing very

broadband impedance and pattern performance from low-profile
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antennas have been presented. Although the use of external

impedance -matching networks has been shown to be theoretically

capable of increasing impedance bandwidths of high-Q elements

from only a few percent up to 30 percent or more, the practical

realization of increases this large will be dependent upon

vreducing the differences between the physical networks and the

theoretical models thereof. The technique would be useful in

reducing the Q of narrowi-band elements that might be used as

elements in a log-periodic array. Although it has been shown

that log-periodic arrays of high-Q elements can be made to

operate in a frequency-independent manner if the value of scaling

factor - is taken to be sufficiently large, reduction in the Q of

the elements would permit a similar reduction in T without loss

in performance. Greater bandwidth could then be covered by an

antenna having the same physical size as another but a lower

value of T.

A new mode of operation of logarithmic spirals, involving

excitation against a closely spaced conducting surface, produces

negligible large-end truncation effect. Exponential decay of the

near fields is due to fast-wave phase velocity induced by the

curvature of the arm. With proper attention to maintaining

self-scaling geometry, the log-spiral transmission line antennas

can have very nearly constant input impedance over bandwidths

greater than 10 to 1. Although the patterns display beams of

predominantly circular polarization, asymmetries are observed
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that are likely associ,-ted with the rate of spiral.

Logr-periodic zigzag slot antennas have also been observed to

have little large-end truncation. This leads to stable input

impedance over wide frequency bands. Near-constant,

unidirectional beams are obtained from wedge-shaped LPZZ slot

antennas by placing absorber inside the wedge.
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Figure 7. Azimuthal plane principal polarization radiation
pa1tterns for MLPCBS array.
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Figure 10. Top view of a planar log-spiral transmission line

antenna.
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Figure Ila. Side view of the planar log-spiral transmission
line antenna.

Figure lib. Photograph o[ the planar one-arm log-spiral

transmission line antenna.
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Figure 20. Measured input impedance of an LP ZZ slot antenna.
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A DUAL FEED DUAL POLARIZED)

LOG-PERIODIC HE' ANTENNA SYSTEM

D.V. Campbell, P. Dubowicz
B. Feigenbaum, K. Loffer

U.S. Army Communications Electronics Command
Fort Monmouth, New Jersey 07703

Abstract

This paper describes a lightweight wire
log-periodic HF antenna system incorporating two
separate feeds and capable of horizontal, vertical or
mixed polarization. This anteni.a system evolved from a
narrow band HAL' SQUARE ANTENNA prototype. The elevated
dual feed system allows this antenna to operate with
minimal dependence on the earth and it provides for
polarization diversity reception and optional low-angle
or high-angle radiation modes.

A full-size experimental antenna was built to cover
the 8 to 30 MHz frequency range. Tests confirm that
this experimental antenna exhibits the expected
broadband impedance behavior peculiar to certain
log-periodic structures. Computer modeling by the
method-of -moments indicates that this antenna system is
capable of good gain and pattern performance.

1. Introduction

Effective high frequency antennas, which are also

compatible with the varied and demanding requirements

peculiar to military tactical communicatior., are by no

means easily engineered. Military radios operate from 2

to 30 MHz or higher and vary in power from watts to

kilowatts. The communication systems may be fixed,

4A transportable, vehicular, man portable, or a~irborne and

employ ground wave or ionospheric propagation over

short, medium, or long range paths.

The required mobility dictates small antenna size
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but electrical performance will be compromised if the

antenna is made too small in terms of the wavelength.

The broa,, frequency range which spans four octaves

complicates the design of efficient antennas.

This paper is concerned with an experimental HF

log-periodic wire antenna intended to use on short,

medium and long range ionospheric paths. Because this

antenna incorporates a dual feed system, it can be used

for polarization diversity reception or to radiate at

high or low take off angles to suit the skywave

transmission path.

2. HALF SQUARE ANTENNA PROTOTYPE

2.1 Single feed half square antenna

The log-periodic antenna, which is the subject of

this paper, evolved from a prototype known as the HALF

SQUARE antenna . This antenna consists of a half

wave horizontal wire connected to quarter wave vertical

wires at either end. As originally described in the

amateur radio literature, one of the vertical wires is

fed against ground while the opposite end of the antenna

is "open circuited" so that it does not connect to

ground. See Fig. 1.

2.2 Method-of-moments analysis

The method-of-moments was used to determine the

performance of the antennas discussed in this paper.
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Solutions were obtained using the MINI-NUMERICAL

ELECTROMAGNETiCS CODE-MININEC [2) and the NUMERICAL

ELECTROMAGNETICS CODE-NEC . These codes provide

numerical solutions for the antenna currents from which

all of the important antenna properties, such as

impedance and radiation patterns, can be computed.

These codes are capable of including ground effects.

MININEC is a very small code written in BASIC which can

be run on a desk top computer. The NEC program is

written in FORTRAN and requires a large computer.

2.3 Current distribution-single feed

The current distribution on the HALF SQUARE ANTENNA

corresponds to that of a full wave antenna having a

current node at its midpoint and current loops a quarter

wave from each end. See Fig. 2. This distribution

causes the currents in the vertical wires to be in phase

and radiation to be bidirectional and broadside to the

antenna. The E-field polarization is predominantly

vertical.

2.4 Dual feed half square antenna

By adding a second feed to the HALF SQUARE ANTENNA,

and by locating these feeds at the current loops, the

antenna can then be excited in two different modes-one

favoring low-angle radiation and the other high-angle

radiation. By feeding at the current loop, a low
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impedance is obtained which is compatible with the

impedance of standard coaxial cable transmission line.

Current coupling from one half of the antenna to

the other is eliminated by cutting the horizontal wire

at its midpoint and inserting an insulator. This

separation also reduces the effects of structural

unsymmetries.

The half square antenna with dual feed is shown in

Fig. 3. This antenna is the basic element used in

constructing the log-periodic antenna discussed in

section 3.

2.5 Current distribution-inphase mode

When the exciting voltages cause the currents in

the vertical wires to be inphase, the dual feed HALF

SQUARE ANTENNA will then perform essentially the same as

the single fed antenna discussed in section 2.3. The

current distribution is shown in Fig. 4.

2.6 Radiation patterns-inphase mode

The azimuthal and elevation gain patterns for

" inphase excitation are shown in Figs. 5 and 6. The

elevation pattern (Fig. 6.) shows that the HALF SQUARE

ANTENNA is a good low-angle radiator and therefore

suitable for medium or long range (1500-4000 kilometer)

ionspheric paths.

2.7 Current distribution-antiphase mode
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When the two feeds are excited so that the vertical

wire currents are antiphase, the antenna will then favor

high-angle radiation and horizontal polarization. The

current distribution is given in Fig. 7.

2.8 Radiation Patterns-antiphase mode

The azimuthal and elevation gain patterns for

antiphase excitation are shown in Figs. 8 and 9. The

- elevation pattern (Fig. 9.) indicates that the HALF

SQUARE ANTENNA radiates effectively at high take-off

angles when excited antiphase. High take-off angle

radiation is suitable for short range (800 kilometer)

ionospheric paths.

3. DUAL FEED LOG-PERIODIC ANTENNA

3.1 Description of log-periodic antenna

The dual feed HALF SQUARE ANTENNA prototype

discussed above has been incorporated in a log-periodic

structure to secure increased gain, unidirectional

radiation, wide bandwidth and increased flexibility.

The log-periodic antenna is shown in Fig. 10. This

antenna is composed of dual feed half square elements

dimensioned according to log-periodic design procedures.

.3.2 Experimental antenna

An experimental 15 element log-periodic antenna was

constructed to cover the upper two octaves of the high

frequency range. This antenna is designed to operate
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from 8 to 30 MHz. The antenna is composed of HALF

SQUARE elements made of #14 gauge wire and is supported

by two lightweight 40 foot masts. The antenna occupies

an area measuring approximately 120 feet long and 70

feet wide. The antenna height decreases to 4 feet at

the shortest element.

The antenna elements are arranged and fed in

more-or-less the same manner as a conventional

log-periodic antenna-except for the dual feed system.

Open wire transmission lines are used to feed each half

of the antenna. These transmission lines have a

characteristic impedance of approximately 300 ohms.

3.3 Voltage-standing-wave-ratio

The measured VSWR of the experimental log-periodic

antenna between 8 and 32 MHZ is given in Fig. 11. This

measurement confirms the broadband impedance behavior of

this antenna for both modes of excitation. For this

test the antenna was fitted with a 50 ohm combiner and a

pair of four-to-one impedance matching transformers.

3.4 Theoretical radiation patterns

A computer model of the log-periodic antenna was

investiflited using NEC. This model was based on the

dimensions used in the experimental antenna but only the

ten shortest elements were included to reduce computer

t ime.
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The calculated radiation patterns at 10 MHz for

both modes of excitation are given in Figs. 12, 13, 14,

and 15. In general the patterns indicate that the

antenna radiates effectively at low angles when excited

in the inphase mode and at high angles when excited in

the antiphase mode. Similar patterns have been

calculated at 15 MHz and at 8 MHz. It is likely that

the radiation patterns will not change significantly up

1to 30 MHz but this has not been confirmed.

Conclusions

Use of the dual feed HALF SQUARE ANTENNA as the

basic element in a log-periodic antenna has been

demonstrated experimentally and by numerical modeling.

'The two independent feeds enable this antenna to be

excited inphase or antiphase so that the radiation

pattern can be adapted to low-angle or high-angle

ionospheric propagation. The dual feed capability ilso

lends itself to polarization diversity reception. This

antenna has not been tested with a diversity combiner,

however.
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Fig. 1. Single feed half square antenna
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Fig. 3. Dual feed half square antenna
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A DUAL FREQUENCY MICROSTRIP ANTENNA FOR Ka BAND

Richard Q. Lee and Maurice F. Baddour
National Aeronautics and Space Administration

Lewis Research Center
Cleveland, Ohio 44135

SUMMARY

For fixed satellite communication systems at Ka band with downlink at
17.7 to 20.2 GHz and uplink at 27.5 to 30.0 GHz, the focused optics and the
unfocused optics configurations with monolithic phased array feeds have often
been used to provide multiple fixed and multiple scanning spot beam coverages.
It appears that a dual frequency microstrip antenna capable of transmitting
and receiving simultaneously is highly desirable as an array feed element.
This paper describes some early efforts on the development and experimental
testing of a dual frequency annular microstrip antenna. The antenna hasI-,

potential application for use in conjunction with a monolithic microwave inte-
grated circuit device as an active radiating element in a phased array of
phased array feeds. The antenna is designed to resonate at TM12 and TM13
modes and tuned with a circumferential microstrip ring to vary the frequency
ratio. Radiation characteristics at both the high and low frequencies are
examined. Experimental results including radiating patterns and swept fre-
quency measurements are presented.

INTRODUCTION

Microstrip antennas are attractive as radiating elements for space com-
munication systems because of their inherent advantages of compact structure,

weight and cost. Dual frequency microstrip antennas have the additional fea-
ture that a single antenna element can transmit or receive in two discrete
bands simultaneously. The research on dual frequency microstrip antenna has
been extensive, and many different configurations have been described (refs. 1

,.4 and 2). However most of the work reported thus far are for low frequency
applications. Recently, a hybrid multiport theory for analyzing these anten-

nas has been developed (ref. 3). Theoretical results based on this theory are
found to be in excellent agreement with measured results.

The annular microstrip antenna appears uniquely suited for dual frequency
application. Unlike rectangular microstrip antennas, the resonant frequencies
of such antennas are not harmonically related. Thus, the frequency ratio of
any two modes can be varied by choosing the inner and outer radii. In addi-
tion, higher gain and easier matching can be achieved, for the size of the
annular microstrip is generally larger than the rectangular microstrip antenna
at Ka band.

This paper describes some early efforts on the design and experimental
testing of dual frequency annular microstrip antennas at Ka band. Preliminary
experimental results for a single annular microstrip antenna and a 2 by 2
microstrip array are presented. No attempt has been made to optimize the
antenna performance. Thus, the results obtained thus far primarily estab-
lished the feasibility of this approach and the potential for future
improvement.
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Annular Microstrip Antenna Design

Based on a radial cavity model for a thin microstrip antenna and with the
application of the usual magnetic wall boundary conditions, the resonant fre-
quency of an annular microstrip antenna, as pictured in figure 1, can be com-
puted from the characteristic equation for the resonant modes (ref. 4):

J (ka)Yn(kb) - J,(kb)Y,(ka) = 0

with k r

where a and b are the inner and outer radii respectively; w is the reso-
nant radian frequency; c is the speed of light, and ed is the relative
.dielectric constant of the substrate. The quantities 3n(x) and Y;(x) are
the derivatives of the Bessel functions of the first and second kind of order
n respectively. The integer n is the azimuthal mode number.

To design the annular microstrip antenna for dual frequency operation,
the high and low frequency bands are chosen to satisfy the design requirements
of polarization, frequency ratio, antenna dimension and input impedance. In
general, the antenna dimension and the resonant frequencies can be easily
determined by computing the roots of the characteristic equation for any given
radii a and b. However, a more rigorous analysis (ref. 3) must be applied
for accurate prediction of the input impedance and radiation patterns.

It has been reported (refs. 5 and 6) that the TM12 mode of the annular
microstrip antenna has relatively wide bandwidth and hence is more suitable
for antenna applications. Based on this information, the TM12 and TM13 modes
have been chosen as operating modes for the Ka band. In order to illustrate
the frequency separation between different modes with respect to antenna radii
a and b, the resonant frequencies for the lower-order modes of the annular
microstrip antenna have been computed numerically using the iteration tech-
nique. The results are plotted in figures 2 and 3 as a function of b/a, the
ratio of outer radius to inner radius. Figure 2 shows the resonant frequen-
cies of the lower-order modes as a function of b/a with a = 0.1 cm and b
varied; figure 3 shows the same with b = 0.9 cm and a varied. As demon-
strated graphically, the variation of the outer radius b produces a greater
impact on the resonant frequencies as compared to the inner radius a. With
the radii a and b properly chosen, it appears that the frequency require-
ment for dual frequency operation at Ka band can be satisfied with little fre-
quency tuning required. The resonant frequencies for the TM12 and the TM13mode and their corresponding frequency ratio for various radii a and b are
tabulated in table 1. From these tabulated results, the following observa-
tions are made: (1) the frequency ratios decrease with increasing b/a, (2)
for cases considered, th: frequency ratio is found to be around 1.6, and (3)
by holding the inner radius constant, the resonant frequency generally
decreases with an increase in the center radius b.

EXPERIMENTAL RESULTS

Based on results of table 1, a single annular microstrip antenna with an
inner radius a = 0.1 cm and an outer radius b = 0.93 cm has been fabricated
and experimentally tested. Table 2 compares the calculated and the measured

2
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resonant frequencies for the TM12 and the TM13 modes. As shown, the resonant
frequencies predicted by the characteristic equation agree reasonably well
with the experimentally measured values. The deviation between the calculated
and the measured values is found to be about 3 %. The swept frequency mea-
surements for the two frequency bands are displayed in figures 4 and 5. These
results clearly demonstrate the feasibility of dual frequency operation at Ka
band with a single antenna. The corresponding radiation patterns for the same
antenna are shown in figures 6 to 9.

A 2 by 2 microstrip array of identical radiating elements as described
above has been fabricated and experimentally tested. The spacing between ele-
ments is 2 cm. The array is tested with a symmetric microstrip power dividing
network. The radiation patterns for the high and the low frequency bands are
shown in figures 10 to 13.

The usefulness of the dual frequency microstrip antennas is greatly
enhanced if the frequency ratios can be varied over a wide range. In fact,
the bandwidth of the microstrip antenna can be broadened if the two discrete
bands of the high and low frequencies has a frequency ratio approaching unity.
There exist three well established techniques for frequency tuning. Using
these techniques, the frequency ratio of a rectangular microstrip antenna has
been effectively reduced to about 1.07 at x-band frequencies or less (ref. 7).
Because of the small antenna size at Ka band, frequency tuning of the annular
microstrip antenna has been attempted using a circumferential microstrip line.
This technique has been found very effective for the TM12 mode, but less effec-
tive for the TM13 mode. Experimental results illustrating frequency tuning of
an annular microstrip antenna are shown in figure 14.

CONCLUSION

Preliminary experimental data demonstrate that an annular microstrip
antenna can be designed for dual frequency operation at Ka band. By properly
choosing the inner and the outer radii of the antenna, a frequency ratio of
approximately 1.6:1 between the high and the low frequency bands can be
achieved. The resonant frequency of the TM12 mode can be varied over a range
of about 1 GHz with a circumferential microstrip line. Further improvement in
the antenna performance is possible with better impedance matching and more
effective frequency tuning of the TM13 mode.
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* TABLE 1. - RESONANT FREQUENCIES FOR

TM12 AND TM13 MODES VERSUS ANTENNA
RADII a AND b (cr = 2.1)

(a) a fixed, b varied

a b b/a f12  f13  f13/f12

0.1 0.75 7.5 22.2 35.9 1.62
0.1 0.80 8.0 20.9 33.7 1.61
0.1 0.85 8.5 19.7 31.7 1.600.1 0.90 9.0 18.7 29.9 1.60
0.1 0.95 9.5 17.7 28.4 1.59

0.1 1.00 10.0 16.9 27.0 1.59

(b) b fixed, a varied

0.06 0.9 15.00 19.2 30.5 1.58
0.08 0.9 11.25 18.9 30.1 1.59
0.10 0.9 9.00 18.7 29.9 1.60
0.12 0.9 7.50 18.5 29.9 1.62

L 0.141 0.9 6.40 118.3 130.1 1.64

Table 2. - CALCULATED AND MEASURED

RESONANT FREQUENCIES FOR THE

ANNULAR MICROSTRIP ANTENNA

(a - 0.1 cm, b = 0.93 cm,

r = 2.2)

Modes, Calculated Measured Deviation,
mn resonant resonant percent

frequency, frequency,
GHz GHz

(1.2) 17.7 17.4 1.7
(1.3) 28.3 29.2 3.0
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Figure 1. - Annular microstrip
antenna.
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A DUAL FREQUENCY MICROSTRIP ANTENNA FOR Ka BAND

Richard Q. Lee and Maurice F. Baddour
National Aeronautics and Space Administration

Lewis Research Center
Cleveland, Ohio 44135

SUMMARY

For fixed satellite communication systems at Ka band with downlink at
17.7 to 20.2 GHz and uplink at 27.5 to 30.0 GHz, the focused optics and the
unfocused optics configurations with monolithic phased array feeds have often
been used to provide multiple fixed and multiple scanning spot beam coverages.
It appears that a dual frequency microstrip antenna capable of transmitting
and receiving simultaneously is highly desirable as an array feed element.
This paper describes some early efforts on the development and experimental

ntesting of a dual frequency annular microstrip antenna. The antenna has
potential application for use in conjunction with a monolithic microwave inte-
grated circuit device as an active radiating element in a phased array ofphased array feeds. The antenna is designed to resonate at TM1 2 and TM1 3
modes and tuned with a circumferential microstrip ring to vary the frequency
ratio. Radiation characteristics at both the high and low frequencies are
examined. Experimental results including radiating patterns and swept fre-
quency measurements are presented.

INTRODUCTION

Microstrip antennas are attractive as radiating elements for space com-
munication systems because of their inherent advantages of compact structure,
weight and cost. Dual frequency microstrip antennas have the additional fea-
ture that a single antenna element can transmit or receive in two discrete
bands simultaneously. The research on dual frequency microstrip antenna has
been extensive, and many different configurations have been described (refs. 1
and 2). However most of the work reported thus far are for low frequency
applications. Recently, a hybrid multiport theory for analyzing these anten-
nas has been developed (ref. 3). Theoretical results based on this theory are
found to be in excellent agreement with measured results.

The annular microstrip antenna appears uniquely suited for dual frequency
application. Unlike rectangular microstrip antennas, the resorant frequencies
of such antennas are not harmonically related. Thus, the frequency ratio of
any two modes can be varied by choosing the inner and outer radii. In addi-
tion, higher gain and easier matching can be achieved, for the size of the
annular microstrip is generally larger than the rectangular microstrip antenna
at Ka band.

This paper describes some early efforts on the design and experimental
testing of dual freqLency annular microstrip antennas at Ka band. Preliminary
experimental results for a sirgle annular microstrip antenna and a 2 by 2
microstrip array are presented. No attempt has been made to optimize the
antenna performance. Thus, the results obtained thus far primarily estab-
lished the feasibility of this approach and the potential for future
improvement.
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Annular Microstrip Antenna Design

Based on a radial cavity model for a thin microstrip antenna and with the
application of the usual magnetic wall boundary conditions, the resonant fre-
quency of an annular microstrip antenna, as pictured in figure 1, can be com-
puted from the characteristic equation for the resonant modes (ref. 4):

J;(ka)Y;(kb) - J'(kb)Y;(ka) = 0

with k =

where a and b are the inner and outer radii respectively; w is the reso-
nant radian frequency; c is the speed of light, and ed is the relative
dielectric constant of the substrate. The quantities JA(x) and Yn(x) are
the derivatives of the Bessel functions of the first and second kind of order
n respectively. The integer n is the azimuthal mode number.

To design the annular microstrip antenna for dual frequency operation,
the high and low frequency bands are chosen to satisfy the design requirements
of polarization, frequency ratio, antenna dimension and input impedance. In
general, the antenna dimension and the resonant frequencies can be easily
determined by computing the roots of the characteristic equation for any given
radii a and b. However, a more rigorous analysis (ref. 3) must be applied
for accurate prediction of the input impedance and radiation patterns.

It has been reported (refs. 5 and 6) that the TM12 mode of the annular
microstrip antenna has relatively wide bandwidth and hence is more suitable
for antenna applications. Based on this information, the TM12 and TM1 3 modes
have been chosen as operating modes for the Ka band. In order to illustrate
the frequency separation between different modes with respect to antenna radii
a and b, the resonant frequencies for the lower-order modes of the annularmicrostrip antenna have been computed numerically using the iteration tech-

nique. The results are plotted in figures 2 and 3 as a function of b/a, the
ratio of outer radius to inner radius. Figure 2 shows the resonant frequen-
cies of the lower-order modes as a function of b/a with a = 0.1 cm and b
varied; figure 3 shows the same with b = 0.9 cm and a varied. As demon-
strated graphically, the variation of the outer radius b produces a greater
impact on the resonant frequencies as compared to the inner radius a. With
the radii a and b properly chosen, it appears that the frequency require-
ment for dual frequency operation at Ka band can be satisfied with little fre-
quency tuning required. The resonant frequencies for the TM12 and the TM13
mode and their corresponding frequency ratio for various radii a and b are
tabulated in table 1. From these tabulated results, the following observa-
tions are made: (1) the frequency ratios decrease with increasing b/a, (2)
for cases considered, th: frequency ratio is found to be around 1.6, and (3)
by holding the inner radius constant, the resonant frequency generally
decreases with an increase in the center radius b.

EXPERIMENTAL RESULTS

Based on results of table 1, a single annular microstrip antenna with an
inner radius a = 0.1 cm and an outer radius b 0.93 cm has been fabricated
and experimentally tested. Table 2 compares the calculated and the measured

2
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resonant frequencies for the TM12 and the TM13 modes. As shown, the resonant
frequencies predicted by the characteristic equation agree reasonably well
with the experimentally measured values. The deviation between the calculated
and the measured values is found to be about 3 %. The swept frequency mea-
surements for the two frequency bands are displayed in figures 4 and 5. These
results clearly demonstrate the feasibility of dual frequency operation at Ka
band with a single antenna. The corresponding radiation patterns for the same
antenna are shown in figures 6 to 9.

A 2 by 2 microstrip array of identical radiating elements as described
above has been fabricated and experimentally tested. The spacing between ele-
ments is 2 cm. The array is tested with a symmetric microstrip power dividing
network. The radiation patterns for the high and the low frequency bands are
shown in figures 10 to 13.

The usefulness of the dual frequency microstrip antennas is greatly
enhanced if the frequency ratios can be varied over a wide range. In fact,
the bandwidth of the microstrip antenna can be broadened if the two discrete
bands of the high and low frequencies has a frequency ratio approaching unity.
There exist three well established techniques for frequency tuning. Using
these techniques, the frequency ratio of a rectangular microstrip antenna has
been effectively reduced to about 1.07 at x-band frequencies or less (ref. 7).
Because of the small antenna size at Ka band, frequency tuning of the annular
microstrip antenna has been attempted using a circumferential microstrip line.
This technique has been found very effective for the TM12 mode, but less effec-
tive for the TM13 mode. Experimental results illustrating frequency tuning of
an annular microstrip antenna are shown in figure 14.

CONCLUSION

Preliminary experimental data demonstrate that an annular microstrip
antenna can be designed for dual frequency operation at Ka band. By properly
choosing the inner and the outer radii of the antenna, a frequency ratio of
approximately 1.6:1 between the high and the low frequency bands can be
achieved. The resonant frequency of the TM12 mode can be varied over a range
of about 1 GHz with a circumferential microstrip line. Further improvement in
the antenna performance is possible with better impedance matching and more
effective frequency tuning of the TM13 mode.
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TABLE 1. - RESONANT FREQUENCIES FOR

TM12 AND TM13 MODES VERSUS ANTENNA

RADII a AND b (e = 2.1)r

(a) a fixed, b varied

a b b/a f12  f13 f13/f12

0.1 0.15 7.5 22.2 35.9 1.62
0.1 0.80 8.0 20.9 33.7 1.61
0.1 0.85 8.5 19.7 31.7 1.60
0.1 0.90 9.0 18.7 29.9 1.60
0.1 0.95 9.5 17.7 28.4 1.59
0.1 1.00 10.0 16.9 27.0 1.59

(b) b fixed, a varied

0.06 0.9 15.00 19.2 30.5 1 .58
0.08 0.9 11.25 18.9 30.1 1.59
0.10 0.9 9.00 18.7 29.9 1.60
0.12 0.9 7.50 18.5 29.9 1.62
0.14 0.9 6.40 18.3 30.1 1.64

Table 2. - CALCULATED AND MEASURED

RESONANT FREQUENCIES FOR THE

ANNULAR MICROSTRIP ANTENNA

(a = 0.1 cm, b = 0.93 cm,

ar =2.2)

M Modes, Calculated Mea;ured Deviation,
m,n resonant rescnant percent

frequency, frequency,
GHz GHz

| (1.2) 17.7 17.4 1.7
(1.3) 28.3 29.2 3.0
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ABSTRACT

Dole antennas are often used in tart;ra directir+n-inoir~ (FF -,.-teq

Dipoles, however, are basically narrowband ante"tia, no* idea!v ute,. -

this appiication. A modified j'i'e. cal ed t-e ", 4-,vave J42* "

overcomes the drawbacks of the coriventionai dipole. The TWD has f,:-, v

constant input impedance and radiaton properties ; :, i 4 ... c+,,t , erc ,4

and frequency. whicn aliow a OF sstern perforri ince super,or t-. Fht

. available with the conventional dipole.

wH. Coo was formerly with GE G-C WD . in. now with Fo a

* Aerospace & 17-ommunicaton Corp., Faio A, o.,
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1.0 IN hODUCTION

The most cornmon antenna configuration used in tactical He-VHF-UHF

direction-finding systems consist of four vertical dipoles arranged in a

square, in the manner of a four-element Adcock array as shown in Figure

1. Four" sets of dipole antennas are used to cover the 20 to 1000 MHz

range.. The .rrays are stacked verticaly on a metallic supoortiic mast

according to frequency band, with the smal!est at ray or top of the mast.

The direction of an incoming signal is deteri-nined by comparing the times

of arrival of the RF signal at each baseline, which us,ally consists If two

adjacent dipole antennas. The DF accuracy of the antenna arrays -epends

on the following:

A. The Spauing Between Dipole Antennas in Each Basel ine

The larger the baseline, the better the DF accuracy. However, trie

maximum spacing is limited by the wavelength at the highest

owerating frequency. If the spacing exceeds one-nalf waveiength,

drrlbiguitie:; will occur.

B. The Irr.oedance and Radiation Pattern Character ist cs of TK'

Dipotp Antennas

The performance of the dipole anterias in eac ,  - >.r2 $

determined -y the number of arrays used tc ccver tKe . e..;,.red

frequency range of 20 to 1000 MHz. It shouic 'be notec; that

-2-
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different bands have different operating bandwdth. Ine ,ovie-

frequency bands typically have larger oandwidths wnile the irgner-

frequency bands are required to cover only octave frequency banos.

Dipole antennas, are inherently not broadband anterras. The overa'

system performance will be better if the trequensy coverage ot

each array is kept relatively sma!,. Urlfor ,nateiv. eac- addJ"o-:a!

array means a higher mast, more RF d,,tr.butio,- comrcnt&rts, or

more receivers, which will increase trie rnec ;anI,-a, cornc;ex,-y and

cost.

C. The Similarity in Performance of Ditferent Dipole Attenn,.

The far-field phase charactertstics of each dipole should be -early

identical, although calibration can elirninate .umr:-e of the erors;

however, it is time-consuming and costly.

Although this type of system usually consists of four or more sets ot

antenna arrays. A three array system has recently Deer. proposed.

p|

2.0 TECHNICAL DISCUSSION

Conventional dipoles are relatively narrow band anter:as. For :-elat Ve!v

thin dipole (L/D > 40). a VSWR of 3:1 can be cb zarne. over a.r~romatey

a 60% bandwidth. For aipoles.with an L/j ratio es ti,an 13, a VSVr5 ot

less than 3:1 can be obtained over almost an octave. Tne LP ratio,
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however, cannot be reduced indefinitely because of the ;ncrease in weigh-,

and wind resistance. The comm.,n approach to design the olpoles for the

20 to 150 MHz band is to make the dipoles as long as possible before the

radiation patterns split and have rulls on or near the horizon at the highest

operating frequency. The pattern split usually occurs when the 'enrth of

the dipole antenna approaches 1.4x . Therefore, if the length of the dipoile

antenna i.s hmited to 1.4x at 1 )G '-Hz, it will be less that, C.2 at 20

A'4Hz. A conventional dipole antenna whose electrical lengt. : ess than

0.2x is characteri2ed by low efficiency and extremely high VSWR, 'In

practice, however, the dipole antennas are made even shorter, on the order

of 1.1 or less at 150 MHz to reduce mutual coupling between the dipoie

pairs and between the dipoles and the metallic supporting mast, thus

further degrading the VSWR at 20 MHz. The high VSWRs are especially

undesirable for this type of DF system because of the interaction between

the components, which introduces additional phase err ors and degrades the

systems accuracy. Hence, DF systems using conventional dipoles often use

attenuators at the output of the antenna in order to improve the

impedace rr3tch between the dipoles and the RF orocessin" cormvonents.

This is demonstrated by the measured impedance of a conventional dipole

which was designed for a prototype 20 to 150 MHz tactical OF -.ystern

.igure 2 illustrates the swept input impedarice of this dipoe for 2C .' 15C

r'lHz in free space (no mutua! coupling). The dctted 'ie represer:ts the

irput inpedance measured at the input to the dipole, and the so!id lire

represents the input impedance at the output of the transformer wlth a 4

dB attenuator in series. These .attenuators, valued in the 4 to 5dB range,

--4-



unfortunately reduce the systems sensitivity over the entire operating

frequency range. Although the lower frequencies of the 20 to 150 ViHz

band are in the externaily-noise-limited range, a 4 or 5 dB loss in the

antenna gain can be easily recovered with RF amplifiers. A 4 or 5 dB loss

at the higher frequencies in the 20 to 150 MHz band, however, w:,'

severely degrade the system sensitivity. A broadband dipoie a-.r!. i

needed for this application.

One of the candidates proposed for this DF system is the travei ng-wave

dipole antenna. The traveling-wave dipole, first introduced oy A tsh,',ier

in 1960, is capable of operating over a broader frequency range than the

conventional dipoles because of a resistor which is inserted in each na!t of

the dipole at approximately one-quarter X/4 from the end of the dipole at

a frequency near the high end of the operating range.

1. Altshuler, Edward E., (July 1961) pp. 324-329, "The Trdveing Wave

Linear Antenna". IRE Trans, APS.

-5-
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This antenna operates on the principle that a pure travelino wave can oe

created by terminating a transmission line in ts cnaracter~stic

impedance. If the transmission line is terminated ir an open ctrcuit, a

single traveling wave can be obtained by placing a resistor equal to the

characteristi: resistance of the line in series with the I!ne one-quarter

from the open circuit termination. The linear dipole ii. ir twc ways

simi!ar to the transmission line with the open c!rcuit terrr ation. First.

it ends in an open circuit. Second, a standing wave current distr butc;-

exists on the antenna. it seemed reasonable to assume that it is posso;e

to create a traveling wave on a dipole antenna by placing a resistor

one-quarter wavelength in series from the end.

When this arrangement was carried out experimentally, a t-aveling-wave

current distribution was measured or. the dipole whert the proper Value

resistor was used. VSWR of less than 2.0:1 over a 3.0:! frequency range

was reported byAltshuler. An inductor in paraflel with the resistojr was

later introduced' in order to improve the efficiency of the dpc'e antenna

at the lower operating frequencies where a considerable amount of the

excitation currents are dissipated in the resistor.

2. Guertier, R.J.F., Collyer, G.E., (April 1974) p. ', "A Pr-.ao Band

Travel ing-Wave Dipole", Amateur Radio (Australia).
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3.0 EXPERIMENTAL RESULTS

A comparison of traveling wave dipoles and conventional dipoles for use in

a HF-VHF direction-finding system is presented next:

3.1 One important difference between the trave'!ng wave d-po!e arnd

the conventional dipole antenna is the var ation of +he .-put impelarce

with operating frequency. As the electrical lengtr of the antenna va .es.

the input impedance of the traveling wave dfpoie remairt: near;y constant

while that of the conventional dipole changes considerably as shown in

Figure 2.

The measured input impedance of a 6.5 ft traveling wave dipole, desgned

to operate from 20 to 150 M'Hz is shown in Figure 3. We# meas.ired + -

impedance at the output of a baluri transformer and wa. ,ot correcte. t,:-

its insertion loss. Compared with the "npu iripedance h conve,,.,

dipole, thrs is well behaved. The VSWR is iess than 2.!-1 over a:.,out two

octaves.

We measured the gain of this traveling wave dipole antenna at the output

of the balun transformer: the results are shown in Figure 4. The gair )f a

conventional dipole antenna, which was designed to cover the 2-0 t '5n

MHz band of a prototype DF system, was also tested and the results are

also shown in Figure 4 for comparison.

1: .- 7-
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3.2 The second advantage of the traveling-wave oipoie for tnis

particular application is in its radiation pattern characteristics. It can oe

operated over a relatively large frequency range with small variations.

Although the radiation pattern of a conventional dipole starts to split

when the length of the dipole approaches 1.4 X, the radiation pattern of a

traveling-wave dipole of the same length does not, and it stil! provides

good coverage on the horizon, as shown in Figure 5. Thus, the traveling

wave dipoles can be made electrically longer thus improving the VSWR at

the lower operating frequencies.

3.3 Another advantage of the traveling wave dipole used for this arjplictic,,, 1s

t hat it is less sensitive to its surroundings when it i.; placed iH a four elemen.

square array, with a center mast, because of the trave!ing wave cu,-ent

distribution. We measured the mutual coupling of two pairs of dipoles; ore

* conventional and the other traveling wave, from 1 O to 600 i'.lHz; the res-ts ar&

shown in Figure 6. The length of the conventional dipoles w3s 18 inches and that

of the traveling wave dipoles was 40 inches. It can be observed that the coupling

between the two traveling wave dipoles is at least 10 dB better than tha+ of the

two conventional dipoles above approximately 300 MHz. Hence, t was not

surprising to discover resonance problems and gain dropouts at discrete

frequencies (at the higher operating frequencies) when the gain of the indivd:u

conventional dipoles was measured in the array corifiqurat~ur. Whe- ti'e f

conventional dipoles of the prototype 20 to 150 MH-z DF array were re.ae"

with traveling wave dipoles, the gain dropouts disappeareo.
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4.0 CONCLUSION

Present HF-VHF-UHF tactical direction-finding systems use corventional

dipoles to cover the frequency range from 20 t4Lo 1 000 MHz. In some cases

five sets of dipoles are used to cover the range with reasonable phase and

sensitivity performance. In some cases, to reduce the physical size of the

array, only three sets of dipoles are used; attenuation is added to improve

the phase performance at the sacrifice of sensitivity and pattern

performance. The traveling wave dipole offers the advantages of both

systems. A system consisting of three bands of traveling wave dipoles can

offer the performance of a conventional four-band system and the size

reduction of a three band system, without the degraded performance.
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Figure 3. Input Impedance of a Traveling Wave Dipole
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REDUCTION OF COUPLING BETWEEN COSITED ANTENNAS
BY SEPARATION OF NEAR FIELDS

D.V. Campbell, P. Dubowicz, R. Hoverter
U.S. Army Communications Electronics Command

Fort Monmouth, NJ

Abstract

Duplex radio communication systems often experience
crosstalk interference caused by strong interaction of
the cosited transmitting and receiving antennas. This
paper explains an easily implemented method whereby
high interantenna decoupling may be achieved between
two cosited antennas over a broad frequency range.
This approach is based on minimizing radiation coupling
by separating the antenna near fields and by
suppressing extraneous parasitic rf currents on the

4. outer conductors of the coaxial cable antenna feed
lines.

An experimental VHF antenna system consisting of
two cosited biconical antennas was tested to evaluate
the feasibility of this near field separation
technique. Experiments show that an interantenna
isolation exceeding 30 dB from 30 to 90 MHz can be
achieved for an antenna spacing of only 8 feet. A
conventional installation would require at least 40
foot antenna separation to achieve the same isolation.
Computer modeling by the method-of-moments and a
theoretical model based on Hertz dipoles support the
experimental findings.

1. Introduction

The performance of a duplex radio communication

system may be impaired and unpredictable unless the

mutual coupling between its cosited antennas is

minimized.

For a given separation, it is well known that

colinear antennas provide greater interantenna
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isolation than parallel side-by-side antennas. For

example, colinear dipoles separated by 1.5 wavelengths

will provide 35 decibels isolation. On the other hand,

a separation of 7 wavelengths would be required to

obtain 35 decibels isolation with the parallel

side-by-side antenna arrangement.

By providing enough spacing, interantenna isolation

can, in principle, be reduced to an acceptable level as

dictated by system requirements. At VHF, however,

where one wavelength may be 10 meters, neither the

colinear nor parallel side-by-side antenna arrangement

is practical because of the large separation required.

The antenna system discussed below provides high

interantenna isolation with close spacing by means of

polarization mismatch which decouples the near fields.

With this simple approach one can obtain 35 dB

isolation or more between antennas separated by only a

fraction of the wavelength. However, since the

antennas are tilted with respect to the vertical, the

resulting equatorial plane radiation pattern becomes

non-circular. The pattern distortion may be tolerable,

however.

2. ISOLATION BETWEEN HERTZ DIPOLES IN FREE SPACE

2.1 Radiation Coupling

Free space radiation coupling sets an upper bound
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for the achieveable interantenna isolation. It can be

controlled by antenna spacing and orientation. To

establish this upper bound a simplified model

consisting of two short dipoles (Hertz dipoles) may be

used. See Fig 1.

The interantenna isolation is defined as the

fraction of the total power radiated by one antenna

which is intercepted by the other. The isolation

between Hertz dipoles arranged as in Fig 1. is given by

PR/PT = 9/16(1/x 6  i/x4 + /x 2)COS 2A (1)

where x=2 Tr r/X, r is the spacing, X is the free space

wavelength, and A is the angle between the dipoles.

The isolation is shown in Fig. 2. For spacings greater

than 0.5 wavelength, the isolation is

PR/PT = (9/16x 2)COS 2A (2)

with an error of less than 10%. The Friis transmission

formula [i] reduces to (2) when the antennas consist of

current elements.

2.2 Impedance Mismatch

Impedance mismatch adds to the interantenna

isolation and is given by [21

g = 1 - (S- ) 2/(S+ )2  (3)
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where S is the voltage standing wave ratio. Either

antenna may be mismatched.

3. ORTHOGONAL HALF WAVELENGTH DIPOLES ABOVE GROUND

3.1 Method-of-Moments Analysis

The model discussed above provides a good estimate

of the achieveable isolation between two dipoles in

free space. In this model only radiation coupling was

considered.

Scattering from the ground affects the antenna

radiation patterns and the interantenna isolation. To

determine these effects the method-of-moments was used

to model the antenna system. The solution was obtained

by means of the MINI-NUMERICAL ELECTROMAGNETICS

CODE-MININEC [31 MININEC solves for all rf currents

in the radiating system and calculates input impedances

and radiation patterns.

The antenna system modeled consists of a pair of

half-wave dipoles over ground. See Fig. 3. In order

to include scattering from the transmission line,

vertical and horizontal conductors were also

incorporated in the computer model.

3.2 Calculated Antenna Patterns

The calculated azimuthal radiation patterns of the

E-field vertical component at 30, 60 and 90 MHz are
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given in Figs. 4, 5 and 6. At 30 MHz and at 60 MHz the

patterns are circular within about +/- 1.5 dB. At 90

MHz, the pattern varies by about +/- 4 dB. This

pattern distortion is attributed to ground reflections

and the mixed polarization of the tilted dipoles.

3.3 Calculated Isolation

The theoretical interdipole isolation obtained from

MININEC is shown in Fig. 7. The isolation was

calculated by means of

P/P= 1/2 Re (VRIR*)/I/2 Re (VTI.*) (4)

where VR is the receiving antenna load voltage, IR is

the load current and VT (I T ) are the transmitting

antenna input voltage (current).

4. EXPERIMENTAL RESULTS

4.1 Experimental Antenna

A broadband antenna system consisting of a pair of

cosited biconical VHF antennas was tested to determine

the interantenna isolation and radiation patterns when

arranged for minimum coupling. See Fig. 8. In the

experimental system the antennas were horizontally

separated 3.7 meters and located 9 meters above ground.

The biconical antennas were tilted 45 degrees with

respecL to the vertical and 90 dogrees with respoct to)

each other to effect polarization mismatch and near
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field separation.

4.2 Parasitic Current Suppression

During the experiments, high impedance cable chokes

were added in series with the coaxial cable

transmission lines to suppress induced parasitic rf

currents [41. These cable chokes increased and

smoothed the interantenna isolation by eliminatng

extraneous coupling due to scattering from the

transmission lines.

4.3 Measured Patterns

The measured equatorial plane patterns of the

E-field vertical component at 30, 60 and 90 MHz are

shown in Figs. q, 10 and 11. Pattern distortion is

attributed, in part, to scattering from buildings and

metal. structures at the test site.

4.4 Measured Isolation

The measured interantenna isolation is shown in

Fig. 12. The isolation varies from 35 decibels to 50

decibels over the 30 to 90 MHz frequency range.

Conclusions

The mutual coupling between cosited linear antennas

may be controlled and reduced to an acceptable level by

means of polarization mismatch and adequate antenna

separation. Interantenna isolation exceeding 35

decibels has been demonstrated with only a modest
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antenna separation. The method is easily implemented

and is practical even at VHF wavelengths. The

simplicity of this method is offset, to some degree, by

the resulting pattern distortion in the equatorial

plane caused by tilting of the antennas. This pattern

distortion may, however, be tolerable.
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Fig. 3. Crossed half wave dipoles above ground
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K & S BAND FEED SYSTEM FOR AN 18-METER

HIGH-EFFICIENCY CASSEGRAIN ANTENNA.

B.X. Nguyen, R. Rudolph, G.H. Schennum,and C.H. Tsao

Ford Aerospace & Communications Corporation

Western Development Laboratories

Palo Alto, California 94303

ABSTRACT

This paper describes the design and performance of a dual

frequency band (K & S) feed system for an 18-meter high-

efficiency Cassegrain antenna. The feed system consists of an

S-band circular polarized feed with a TE21 tracking coupler,

a frequency selective surface, and a K-band circular polarized

feed employing TE01 and TM01 tracking couplers. The

frequency selective surface (FSS), consisting of four layers of

metallic cross dipoles on a flat dielectric substrate, is

tranparent at S-band, reflective at K-band, and capable of

handling 20 Kw CW power at S-band with a power safety factor of

5.7. The use of a norel K-band feed system containing an

offset ellip- soid subreflector and the FSS provides identical

amplitude and phase tapers across the Cassegrain subreflector

over both K and S frequency bands with minimum distortion to
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the S-band performance, and minimum feed system blockage.

The whole dual frequency feed system is installed on an

integrated supporting structure which is easily attached to

the main reflector vertex.

The paper discusses the function of each feed system

component, the feed system design, and presents results

showing good agreement between predicted and measured data

for the feed system.

V-a
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1.0 introduction

Many existing large reflector antennas have been

designed with dual shaped reflectors (both main and

subreflector are shaped) for high antenna efficiency.

However, for those antennas operating with two widely

separated frequency bands, it is very difficult to achieve

high efficiency over both frequency bands; therefore, they

have been designed to have high efficiency in one frequency

band only. It is often desirable to up grade these antennas

for high efficiency in both frequency bands.

Ford Aerospace and Communications Corporation (FACC)

has successfully designed a K- and S-band feed system to

achieve these objectives over both frequency bands for an

18-meter shaped surface Cassegrain antenna. The feed

system, as shown in Figure 1, consists of an S-band circular

polarized feed with a TE21 tracking coupler, a frequency

selective surface (PSS), and a K-band circular polarized

feed employing TE01 and TM01 trackings couplers. The

frequency selective surface, consisting of four layers of

metallic cross dipoles on a flat dielectric substrate, is

transparent at S-Band, reflective at K-band, and capable of

handling 20 KW CW power at S-band with a power safety factor

of 5.7. The use of a novel K-band feed system containing an

offset ellipsoid and the FSS allows the same amplitude and

phase tapers across the Cassegrain subreflector surface over

3
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both K and S frequency bands with minimum distortion to the

S-band performance, and minimum feed system blockage.

This paper discusses the function of each feed system

component, the feed system design, and presents results showing

good agreement between predicted and measured data for this

dual frequency feed system.

2.0 K & S Feed System Components

FACC's K- and S-band feed system has a separated feed

system for each frequency band. The S-band feed system uses a

corrugated horn to illuminate the Cassegrain subreflector

surface with a 15 dB amplitude taper over the desired S-band

frequency band. The first ten groves of the horn were varied

in depth to smooth the transition from the horn to the circular

waveguide of the TE21 tracking coupler which is a scaled

model of the Ku-TE21 coupler designed by Choung and

Goudey([]. As shown in Figure 2, this coupler has eight

coupling arms for sensing two orthogonal TE21 modes by

properly combining the outputs. Between the TE21 coupler and

the diplexer is an S-band circular polarizer having 12 fins

with Chebyshev distribution to convert a linear polarized wave

into a circular polarized wave. To provide the desired

subreflector illumination in the offset reflector geometry, the

K-band feed system employs a low phase error corrugated horn.
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Figure 2. Layout of TE21 Mode Coupler.

The horn has its far field phase center within two inches of

the aperture, and a near field amplitude pattern exhibiting a

15 dB taper at the angle of 10 degrees off axis with its phase

center about 6 inches from the aperture. The horn is matched

to the circular waveguide, leading to the circular polarizer

similar to the S-band polarizer, by a ring loaded corrugated

waveguide which has four resonant axially oriented slots for

TE01 mode coupling. The circular waveguide section caries

two transverse slots for TMO1 mode coupling. By maintaining

proper phase between the TEI01 and TM01 modes, the tracking

system can be sensitive to circular or linearly polarized

signals. This type of tracking coupler is inherently narrow

band ( about 1%).

With the use of an offset reflector, and a frequency

selective surface, the K-band feed patterns are imaged to the

phase center of the S-band feed patterns.

6
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3.0 Preauency Selective Surface

This section briefly discusses the design and performance

of the FSS used in the dual frequency feed system shown in

Figure 1. A full detail on the theory and design of this FSS

will be given in a future paper (4]. As shown in Figure 3,

the angle in incidence varies from 200 to 500 across the

FSS surface. Based on FACC's experience with the FSS for the

MJS' 77 (Voyager) program, and the availability of a computer

program analyzing the cross dipole performance, the cross

dipole configuration was selected as the baseline resonating

element for this FSS design.

Prom the empirical data and analysis, it was determined

that a four-layer FSS will meet the K and S-Band requirements

with adequate margin in gain loss and bandwidth. In addition,

this design is capable of operating at incident angles up to 60

degrees. The dipole configuration and FSS construction detail

are shown in Figures 4 and 5, respectively. The spacing

between the second and third PSS layers are tapered linearly in

one plane by tapering the center nomex honeycomb core such that

the spacing varies from 0.92 inches to 1.34 inches as the angle

of incidence varies from 20 to 50 degrees across the FSS

surface as shown in Figure 6. This center nomex core also has

a large hole (approximately 2-foot) hole in it in order to

minimize the heat generated by the film adhesive at S-band

radiated power. Cross dipoles need not extend much beyond the

34-inch diameter center of reflection of the FSS.

7
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3.1 K-Band Reflectivity

A 130 x 130 four-layer FSS test sample with a 1.5 inch

nomex center core with the construction detail shown in

Figure 5 was tested for performance. The transmissivity was

measured from 12.0 to 16.0 GHz using the test setup sketched

in Figure 7. The transmitted power to the receive horn is

referenced to the response with the FSS removed. The

measured responses are shown in Figures 8 to 11 for incidence

angles of 30 and 60 degrees for the E-plane and H-planes.

Since the insertion loss of the FSS is theoretically

negligible, the reflection loss can be calculated from the

relationship PR - 1-PT , where PT is the absolute

transmitted power and PR is the absolute receive power.

Transmissivity data shows that the maximum transmission is

greater than 20 dB down from the reference for all incidence

angles and all frequencies within the operating band. A 20

dB level indicates a reflection loss of less than 0.05 dB.

The theoretical response of the four-layer test sample for

the H-plane and E-plane are given in Figures 12 and 13,

respectively, over the frequency range of 11 to 17 GHz.

Unfortunately, the test equipment setup was unable to record

data beyond a 12 to 16 GHz band, so that a comparison of

measurement and theory at the band edges could not be made.

The theory used is termed a periodic moment method in the

literature, and consists of a plane wave expansion in

10
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, Figure 7. FSS Transmissivity Test Set-Up.

conjunction with mode matching at the dipole interfaces.

This method yielded excellent correlation over a broad band

of frequencies when compared to the single layer Voyager

data. A typical response plot showing this correlation is

given in Figure 14. This comparison was made of a test

sample in a waveguide simulator so that the angle of

incidence varies from 28 to 48 degrees across the frequency

band (sin i - X/2A) as indicated in the figure. This

excellent correlation gives a high credibility to the

multiple layer predictions.

."

231

%2 -



'J.4 ail i .

. .... . . ... ......

Figure . Measured -Plane Response of 4-Layer FSS.

'I'A



. ....... .Jill: I * I_

4 Fn*. i.*- LI

111A :II.:1

* *~Ii~:ijj &:I:~~'~~~j~

A...A

yf.1.

7r1

Figure 11. Measured E-Plane Response of 4-Layer FSS. with i=60.

13
233



spi .1 a

90

8.1 risco
Fiur 12. Calulte 4-ae Hln Resons

Figure 12. Calculated 4-Layer H-Plane Response.

14.

234

......... 'jj i.Aj



* * * measured HI-PIAE

.I8Computod

-. - 4 .

,"0

pA

-3 -O - &I.*

.L.8. S 6. CCV

Figure 14. Zomparision of Measurement versus Theory

for Single Layer FSS.

Sctias o3 ld be is Ph&s

1110 0

ml em.s e. -, IIL

meFigure 15. Derivation of Approximate Spacing for

aO Silae Layr SS

235

'.p:'-. -'. -, ,'-



3.2 S-Hand Transmissivitv

In order to minimize the FSS loss at S-Band, a matching

layer was added to the 2-layer K-Band design so that the FSS

configuration will total four layers. The matching technique

is illustrated in Figure 15 for a 2-layer FSS. This analysis

is an approximation as it ignores multiple reflections, but it

does show the principles involved. The important result in

that the spacing should vary inversely with the angle of

incidence. For mechanical simplicity it was decided to use a

linear taper in one plane to match at S-Band as previously

shown in Figure 6. The calculated performance for the selected

spacing is shown in Figure 16,. The performance was rigorously

calculated using the same method as for the X-Band analysis,

and the optimization of spacing was obtained by iteration. The

' calculated transmission loss of the four-layer PSS over the

S-Band are shown in Figure 16 for E and H planes. The 13" x

130 4-layer test sample described in Section 3.1 was measured

for S-Band performance and compared to theory. The

reflectivity was measured at 1.7 GHz, 2.0 GHz and 2.3 GHz for

an angle of incidence of 300 using the test setup sketched

in Figure 17. The reflected power to the receive horn was

referenced to the response of a metal plate of the same shape

and area as the PSS. The measured results are given in Table

1. It should be noted that the purpose of this test was to

correlate measurement with theory. The test sample spacing was

16
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1.5 inches between layers two (2) and three (3) which is

optimum for an incidence angle of 500. The test chamber in

which the measurements were made restricted data taking to a

maximum single of incidence of 300 because of the chamber

size. The accuracy of the measurements given in Table 1 is

limited by the coupling between the horns which was measured to

be 18 dB or an error of 0.07 dB in transmission loss. The

correlation between measurement and theory is considered good

based on the results and measurement error.

3.3 S-Band Power Handlina

The power density based on a near-field calculation at the

FSS surface is shown plotted in Figure 18. The calculation

assumed a transmit power of 20 KW degraded by a loss of 0.56 dB

to include the loss between the transmitter and feed. The

maximum power density, as shown in the figure, is about 42

watts/in2 and occurs between 3 and 4 degrees off the z-axis.

The power loss at the PSS surface is given by the

relationship:

P a ft tan8 f E2  (1)

Where f - frequency

t - dielectric thickness

tanS- loss tangent of dielectric

4r a effective dielectric constant

E = magnitude of the electric field

17
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Figurel7. FSS Reflectivity Test Set-Up.

Table 1. Measurements of Four-Layer rest Sample at i= 300

raeqmnCY calculated I Maaured
0"(age) Tran$Amlaala LNSa(d&) Traneulgalon Lass(dg)

H-lm I-Plane " -Plan@ K-Plane

.0.1 .01 .01.0

2.0 3
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From equation (1), it can be seen that the dielectric

properties of the materials nearest the peak electric fields

primarily determine the power handling of the FSS. The test

results and analysis indicate that the electric fields are very

concentrated at the tips of the cross dipoles; therefore, the

dielectric materials near the dipoles should be carefully

selected. The test sample based on this design and previously

tested for reflectivity and transmissivity (see Figure 5) was

power tested using the test set-up sketched in Figure 19.

It can be shown that the maximum power density inside a

waveguide is given by the expression:

Pd - 2Pt / (ab) (2)

Where Pt - maximum power density which occurs at

a/2

Pt M transmit power

a M waveguide OaO dimension

b M waveguide b dimension

For the test set-up of WR 430 waveguide

(a - 4.3 inches, b - 2.15 inches)

- Pd - 0.216 Pr (3)

The insertion loss between the directional coupler and the

point at which the FSS was suspended (0.5 inches from waveguide

aperture) was calculated to be 0.33 dB. The relationship

between the power density at the FSS test sample and the power

density at the plane of the test coupler is then given by

Pd .20 Ptm (4)

20
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Where Ptm - transmit power at measuring plane

of test coupler.

The test results performed on the final four-layer test

sample are summarized in Table 2. The results show that the

test sample passed with a margin of + 7.6 dB over rated power

in the region without nomex core between layers 2 and 3. The

sample was not warm to the touch at the conclusion of the test

so the margin is probably significantly more than the test

margin of + 7.6 dB or a power safety factor of 5.7. The

failure at +6.3 dB occurred at the epoxy bond line which bonded

layer 2 to the nomex center core in the outer region of the

test sample. The epoxy in this region is only separated from

the cross dipoles by the 2 mill mylar to which the dipoles are

bonded. As the result of this power test, the center nomex

core of the final PSS panel will have a large 2-foot hole

around the highest power density area to increase the power

handling capability.

3.4 FSS De~olarization Effects

The axial ratios of the S-band horn alone, and those of

the FSS/S-Band horn combination were measured with a linear

rotating source technique. Based on these results, the axial

ratios of the PSS were computed at both K and S frequency

bands. The results are shown in Table 3. As shown in this

table, these predicted axial ratios are in good agreement with
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those computed from the reflection and transmission

coefficients generated by FACC's computer program.

Table 2. FSS High Power Test Results on 4-Layer Test

Sample at 1,8 Ghz.

Safety

Re&;on on Test Sample Power Density Test Duration Factor(dB) Comumerts

Corner of SaIole. Homex 120 watts/ln
2  

90 minutes + '.6 Sample passed.

Core bonded between layers

2 and 3.

Corner or Sample. 1O watts/in
2  10 minutes + 63 Sample Cailed. Core

d1section showed
Norex core bonded charring of the
between layers 2 and epoxy wnl:l bonds

core.

Certe of Sample. 180 wattis/n
2  12C minutes 6.3 Sample Issed.

A.,omex Core In showed no internal
this ro Son. fallures.

Center of Sample. 2?0 wats/in
r  120 minutes a 7.6 dS Sample passed.

Centeroe ore. InLayers 3 an!
this:1omex Coro In previously re-
t h s r e s o n .

- 1v e d a i i s e d o o k

it layer Z. %ole
III not e':erweel

irter te:t.

Table 3. Tabulated Axial Ratios.

(4) (2)
FrequenCy Axtal Ratio of Axial(it S of Ax of Axial (Ratio of ercentge

Feed Feed & FS FSS FSS Difference
(Based on (1) & (2)) (Computer Results)

1800 .M'z 1.091 (or 0.75 dB) 1.223 (or 1.75 8) 1.191 (or 1.52 d) 1.146 (or 1.18 dB) -3.81

2200 Wz 1.103 (or 0.85 dB) 1.349 (or 2,6 dB) 1.219 (or 1.72 dB) 1.247 (or 1.91 d8) .2.3'

13.0 G64z 1.023 (or 0.Z d8)

15.0 Glz 1,274 (or 2.1 88)

(1) "easured data without the FSS.

() leasured data with the FSS.

(3) Comoutd data based on (1) and (2).

(4) :omputed data from convuter proqram.

R'1 tage qatio in (4) . 3oltaqe atlo n (3)

5) Percenqe Offference * 2 Ratio in
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4.0 K- & S-BAND PEED SYSTEM DESIGN

The system design has been constrained by a requirement to

use an existing main reflector and its supporting structure;

therefore, the following design procedure is served as a guided

line.

* Design a shaped subreflector surface such that the

current main reflector surface can be reused.

* Design an S-band feed born such that its patterns

are approximately within ±4dB of the ideal surface

shaping feed pattern (Gaussian) at 150 off axis.

* Design a K-band feed system employing an offset

reflector and an FSS to produce, the same amplitude

taper over the Cassegrain reflector surface as that

of the S-band.

* Design an PSS which is transparent at S-band,

reflective at K-band, and capable of handling 20 KW

Cw power. (The design of the FSS was presented in

Section 3.0).

4.1 High-efficiency Cassegrain antenna

By using a special computer program, FACC was able to

design the new geometry of the 18-meter high-efficiency antenna

with the main reflector surface shape almost identical to the

existing one; therefore, the current main reflector and its

supporting structure can be reused.
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With the new antenna geometry, as shown in Figure 20, a

Gaussian feed pattern with 15 dB amplitude taper at 15

degrees will produce an uniform amplitude distribution over

the main reflector aperture plane.

4.2 K- & S-band feed system geometry

The S-band feed system geometry is the same as that of a

conventional high-efficiency Cassegrain antenna; therefore

the design of the S-band feed system involves only the design

of an S-band horn which produces the near field patterns

aproximate to the ideal pattern in Section 4.1 at a distance

equal to that between the feed pattern phase center and the

Cassegrain subreflector vertex. Using the techniques

described by Thomas, and James [2],[31 an S-band corrugated

horn was designed, and its near field patterns were

computed. A typical S-band amplitude pattern, as shown in

Figure 21, exhibits a taper of 12 dB at the angle of 150

off axis.

The design of the K-band feed system is much more

involved since it employs an offset reflector and an FSS as

the mirrors to produce patterns at the same location and the

same beamwidth as those of the S-band. In order to maximize

the K-band efficiency, minimize the distortion to the S-band

performance, and minimize the total feed system blockage, the

following design criteria were employed.

Ld
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a. The offset reflector aperture must be at least 20

wavelengths to capture adequately the K-band horn

radiated energy.

b. The K-band feed system structure must be kept clear
from the cone angle of 30 degrees with its vertex at

the S-band phase center.

c. The K-band feed system structure must produce

minimal shadow on the main reflector aperture plane.

d. The K-band feed system structure must be mounted

along the shadow of one of the supporting struts.

The design of the K-band feed system was based on ray

optics and physical optics. First, a ray tracing computer

program was exercised to find a feed system geometry which

could transform a 10 degrees beamwidth of the K-band horn

pattern to a 30 degrees beamwidth at the S-band feed pattern

location. The results of the analysis indicates that an offset

hyperboloid is not a viable candidate because the feed system

geometry violates the design criteria b and c. The results

also shows that an offset ellipsoid is a very potential

candidate, and a good combination of a position of the FSS and

the eccentricity of the ellipsoid produces a minimal shadow on

the main reflector aperture plane. The final geometry is shown

in Figure 22. Based on this geometry and the near field

patterns of the K-band horn, a special computer program

developed at FACC was exercised to compute the pattern
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reflected from the PSS. The computer program uses the physical

optics to compute the patterns of a reflector immersed in the

near field of a radiating source. The computed patterns at 15

GHz, shown in Figures 23-24, are very close to those discussed

in Sectio 4.1.

4.3 K- & S-band feed system performance

The K- and S-band feed system was built, and their

patterns were measured at PACC antenna test range in Palo Alto,

California. The typical results at K- and S-band are shown in

Figures 23-25. As shown in these figures, these results are in

good agreement with the predicted results. Figure 26 shows an

S-band feed pattern in the asymmetrical plane measured to 1180

degrees. It shows an abnormal high side lobe at 100 degrees

off axis which was caused by the reflection from the FSS.

Since FACC computer modeling treats the FSS as a completely

transparent surface at S-band, we could not predict this

sidelobe; however, our antenna wide angle sidelobe pattern

computed with this feed pattern (see Figure 27) does not shown

a serious degradation to the antenna system sidelobe

performance.

29
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5.0 C.CL.STO.

FACC has successfully designed and manufactured a K- and

S-band feed system which enables an 18-meter high-efficiency

Cassegrain antenna to have high antenna efficiency over both

frequency bands. The feed system employs an offset ellipsoid

and an FSS to achieve the same amplitude and phase tapers

across the Cassegrain subreflector. The FSS is transparent

at S-band, reflective at K-band, and capable of handling 20

KW CW power with a power safety factor of 5.7. The whole

feed system assembly is installed on an integrated supported

structure which can be easily mounted to the main reflector

vertex. Although the design presented in this paper is for

an K- and S-band 18-meter high-efficiency Cassegrain antenna,

the design approach can be used to design the dual frequency

band feed system of any reflector antennas.

33

253

NN
a -w



6.*0 Refere~n.es

1. ChoungrY.H, K.R. Goudey, and L.G. Bryans, "Theory

and Design of a Ku-Band TE21 -Mode CouplerO IZ&E

Trans. on AP, Vol. AP-30, No. 11, Nov. 1982, pp.

1862-1868.

2. ThomasB.Mr "Design of Corrugated Conical Horns,"

IEE Trns.on PVol. AP-26, No. 2, Macrh 1978, pp.

1068-1072.

3. James.G.Lr OTE11-to-HEll Mode Converters for

Small Angle Corrugated Horns,* IERE Trans. on AP, Vol.

AP-30, No. 6, Nov. 1982, PP. 1057-1062.

4. Hvang,Y.M., G.H. Schennum, and C.N. Tsao, "A

Frequency Selective Surface for High Power Dual Band

Ground Terminal Antenna Applications,' to be presented

at IEEE AP-S and URSI Symposium, June 9-13, 1986,

Philadelphia, Pennsylvania.

34

254

4, 4 .' 5. * 44 .. ~ 4 ~ . 46



SYMMETRIC DUAL-REFLECTOR ANTENNAS

T. Veruttipong, V. Galindo-Israel, W. Imbriale

Jet Propulsion Laboratory
California Institute of Technology

Pasadena, California

ABSTRACT

Circularly symmetric dual-reflector high-gain antenna

systems often require feeds placed off the system's axis because

of the need for multiple feeds to use the reflector antenna.

Also, the constraint requiring the hyperboloid or shaped

subreflector to remain circularly symmetric is sometimes added.

In a Cassegrain system, the subreflector and feed may be rotated

off axis around the paraboloid focus and retain main reflector

focusing. However, substantial spillover results in considerable

noise in a high gain/noise temperature system. In a shaped

system, rotation of the shaped subreflector and feed together

results in substantial defocusing as well as spillover noise.

If the subreflector is rotated approximately one-half the angle

of the feed rotation in either the Cassegrain or the dual-shaped

reflector antenna, it is found that spillover and noise are

substantially reduced with tolerable defocusing. An extensive

numerical analysis of these effects was conducted to determine

the characteristics of a planned 70-meter dual-shaped versus
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Cassegrain antenna and to determine some understanding of the

cause of tne observed effects.

1. INTRODUCTION

In large ground antenna systems, it is often necessary to

use multiple feeds for the same main reflector. Thus, a number

of feeds can be rotated off the axis of the symmetric main

reflector, each illuminating a rotated subreflector, often the

same subreflector that is rotated into position for a given

feed. This type of antenna system is shown in Figures la and lb.

In some systems, such as the Jet Propulsion Laboratory (JPL)

70-meter upgrade of the 64-meter antenna, the subreflector can be

more than 200 wavelengths at 8.45 GHz. There is a considerable

cost savings possible if a circular symmetric subreflector is

used in place of an asymmetric offset subreflector. This is

especially true for shaped reflectors 1'2' 3 that have no parent

circular symmetric reflector from which they could be cut. The

circularly symmetric subreflector can also be useful for feeds

located on the axis of the symmetric main reflector. This would

result in "best" or "reference" performance, given the ability
V-..

to "retilt" the otherwised tilted subreflector.

In the study of the off-axis feed antenna system, the tilt

angle of the feed relative to the tilt angle of the subreflector
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was varied; the absolute angle of the tilt was also varied.

These tilt angles for the feed (a) and for the subrefiector (1)

are shown in Figure 2.

The actual point of rotation of the feed and subreflector

depends upon the type of reflector design used. For a

Cassegrain (parabola/hyperbola) system, the obvious choice for a

rotation point is the paraboloid focus. For a dual-shaped

reflector system, the choice is not obvious. The "optimum"

choice for the shaped reflectors is discussed later.

In either case, when large (in wavelengths) reflectors are

used, the off-axis displacements of the feeds may be many tens of

wavelengths. Consideration will be given to the characteristics

of a 70-meter dual-reflector antenna that is an upgrade of a

National Aeronautics and Space Administration/Deep Space Network

(NASA/DSN) 64-meter design with off-axis feeds (see Figure 2).

2. GAIN RESULTS VERSUS OFF-AXIS ROTATION

There are two types of off-axis rotations of the feed and

subreflector. In one case, R a : that is, the subreflector

and feed are rotated by the same angle. For the Cassegrain

system, note that, in this case, the phase on the main reflector

remains correct except where the main reflector becomes

underilluminated.
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In a second case, a3Q/2. For this choice of /, we find

that the main reflector remains neither under- nor

overilluminated. However, it is clear that a phase error is

introduced for the Cassegrain system. The significance of the

proper amplitude illumination of the main reflector is that

spillover past the main reflector results in a large receiving

noise from a relatively hot Earth behind the main reflector. In

the case when G= 0/2, the feed is always pointed toward the

*center of the subreflector.

As a function of a, the Cassegrain system maintains a

better gain curve than the shaped reflector antenna for )q=a

(except for noise considerations). The dual-shaped reflector

system maintains a significantly better gain curve than the

Cassegrain for 8 = a/2 (providing an optimum rotation point is

chosen).

The gain ve~susa-angle curves for the 70-meter lesigns are

shown in Figure 3 for the Cassegrain and in Figure 4 for the

.4.'" dual-shaped reflector systems.

The gain versus a curve for ) = a in Figure 3 is relatively

flat, although the noise temperature increases with a. The

principal cause of a loss in gain is reduced illumination on one

side of the main reflector (discussed in detail later). This

reduction could be eliminated by choices of an offset asymmetric

hyperboloid. However, the offset asymmetric subreflector can be
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used for only one a angle and is more costly. The 13 a/2 gain

V, curve for the Cassegrain antenna drops off rapidly with

increasing a because of an increasing aperture phase error. In

this case, however, the illumination amplitude across the main

reflector aperture has considerably less spillover and,

therefore, there is considerably less noise collected. Note also

that for the a a case, there is no beam-pointing shift. The

beam points in the 0 m 0 direction for all a. For the case with

13= a/2, there is an approximately linear shift of beam-pointing

direction as indicated in Figure 3.

The geometry and dimensions for the Cassegrain system under

study are shown in Figure 5. An experimental corrugated horn

feed was used for the dual-shaped reflector antenua geometry

shown in Figure 6. The overall dimensions of the two antenna

systems were kept approximately the same. The Cassegrain

subreflector was illuminated with a -10 dB taper at the edge of

the subreflector.

The dual-shaped subreflector was illuminated with a -16 dB

taper at the edge of the subreflector. The dual shaping was

chosen for a maximum gain. There was a small taper allowed near

the edge of the main reflector. A slight extension of the main

reflector beyond the geometric optics edge was introduced to

reduce the noise temperature increase that normally comes from

the tapering edge of the subreflector scattered pattern. The

0
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subreflector was synthesized with a vertex plate blended into

the synthesis.

The gain versus a results for the dual-shaped reflector is

shown in Figure 4. For a = 0, the gain of the dual-shaped

reflector is about 0.75 dB higher than for the Cassegrain system.

The relative aperture efficiencies (spillover and depolarization

accounted for) are 80.5% for the Cassegrain and 96.5% for the

dual-shaped system (in both cases for a = 00).

The actual frequency for these computations was 8.45 GHz.

The radius of the main reflector was taken as 986.3 wavelengths.

The computations were greatly facilitated by the use of a GTD

analysis of a subreflector and a Jacobi-Bessel 4,5,6 analysis

of the main reflector scattered field. Various global and local

interpol.ation methods 7 were employed to analyze the shaped

subreflector and main reflector.

The gain versus a angle results for the dual-shaped antenna

(see Figure 4) show that the performance for the case /a

degrades rapidly and badly because of the introduction of both a

phase and an amplitude error in the main reflector aperture

distribution by the rotation of the feed and sub- reflector as a

unit. The degradation in gain caused by the underillumination

of amplitude only is greater here than for the Cassegrain

antenna because the object illumination function resulting from

dual shaping is nearly uniform.
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When the shaped subreflector is rotated by the angle /=a/2

around the appropriate point of rotation, the results in gain

versus a angle are comparable to the Cassegrain gain versus a

angle results for the 0 = a case. Note that the shaped

reflector system has the advantage over the Cassegrain of a

lower noise amplitude distribution. Further explanation for

this result will follow in the next section.

A relevant question at this point is: Why is =a/2 an

f"optimum" value of 03as opposed to some other fractional portion

of a? It does turn out that a --a/2, the amplitude distribution

on the main reflector, has a minimum underillumination. In

Figures 7 through 9, show the gain of Cassegrain and dual-shaped

antennas as a function of the f-angle (rotation annle of the

subreflector) with thea-angle (rotation angle of the feed)

fixed.

For the Cassegrain antenna (with a fixed at 10.520), note

that the gain peaks when = . This is expected because the

aperture phase is correct at ( = a, and the phase is more

critical than the amplitude. For the dual-shaped reflectors,

the result is quite different. In this case, the gain peaks at

approximately P = a/2 for both a = 10.520 and a = 4.4820

(see Figures 8 and 9). Again, the phase, as well as the

amplitude, is an optimum. As noted later (for the shaped

reflectors), the phase function is optimum at approximately
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= /2 when the "best" rotation point is chosen. This is

related to the fact that the field scattered from the

subreflector has an extended set of two caustic surfaces as

opposed to the single caustic point for the Cassegrain antenna.

These caustic surfaces are discussed later.

All the preceding results were for circularly symmetric

subreflectors, shaped and conic. For the case 8 = a/2, the

Cassegrain system suffers a phase error in the main reflector

aperture. For the case 0 = a, the Cassegrain system suffers an

amplitude distortion with subsequent increased receiver noise.

Both of these deficiencies can be removed with an asymmetric

hyperboloid (in the plane of rotation of the feed and

subreflector). Results for comparison with asymmetric

hyperboloid subreflector are shown in Table I. For a less than°0
about 6 , there is only about 0.1 dB difference between the

various cases (see Figure 3), although the asymmetric reflector

does give marginally better performance. The =/2 case does

give equivalent results with a less expensive symmetric

* hyperboloid. Note that when diffraction from the subreflector

is ignored, the gain is increased by 0.1 dB, a direct measure of

p spilLover loss for the Cassegrain (usually much higher for

electrically smaller antennas).

A final point for consideration in this section is the

determination of the point of rotation of the subreflector and
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Table 1. Cassegrain Gains (dBi)

Concentric Cassegrain /3 = = 00 74.90

Asymmetric Hyperboloid a a = 4.51650 74.86

Asymmetric Hyperboloid a a = 4.5165 74.96
(No Diffraction from Sub)

Symmetric Hyperboloid a= = 4.51650 74.71

Symmetric Hyperboloid a 4.5165 (P =S) 74.82

feed for the dual-shaped reflector system. Because an incoming

plane wave reflected from the shaped main reflector will not

come to a point virtual focus, the precise optimum point of

rotation is not immediately clear. In Figure 10, all rays do

intersect along a caustic line behind the subreflector (in the

non-rotated position). For a Cassegrain antenna, this line

the curvature out of the plane of the paper. It would seem that

an "optimum" point of rotation for the shaped system would lie

within the limits of this caustic line.

The position may be weighted along the caustic by plotting

the caustic intersection point versus position (p) along a

radius of the main reflector (this is also shown in Figure 10.)

For the Cassegrain, all rays intersect at a fixed z position:

the focus. For the shaped system, different radial positions

263



along the main reflector correspond to different positions of

intersection along the z-axis. Because the main reflector

aperture distribution is nearly uniform, an accordingly weighted

mean z position may be chosen as an optimum point of rotation.

A more direct method of choosing the optimum point is

observed in Figure 11. The feed lateral displacement is fixed:

AX. Then, the subreflector is rotated to the position /3 a/2

with different points, F', of rotation. It is known from

experience that f3=a/2 is an approximately optimum ratio

between a and 0 for the shaped reflectors. The optimum

position, F', of rotation is in the vicinity of the weighted

curve of Figure 10.

Figure 10 notes that the main reflector line caustic

z-position doubles back on itself near P = 975 X. Thus, there

is an additional intersection of rays off the z-axis. This

intersection is the caustic from curvature of the field in the

plane of the paper.

3. FAR-FIELD PATTERNS AND REFLECTOR CURRENTS

In this section, the far-field patterns of both the

Cassegrain and the dual-shaped 70-meter antennas are presented

as a function of the a and 9 angles (the 0= a, and the 0-a/2

cases). The main reflector current distributions will also be

reviewed to obtain some insight into the characteristics of
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these antennas with a and i angles of feed and subreflector

rotation.

4 Figure 12 shows the far-field patterns of the 70-meter

shaped and Cassegrain systems with a 3 - 0, the concentric

case. In addition to the vertex plate on the subreflector of

the shaped reflectors, the shaped main reflector also has an

extension that serves as a noise shield; i.e., it shields the

feed from the average 240 K ground noise in that critical area

of sharp energy dropoff near the main reflector edge. The

shaped system attains about 96.6% efficiency, whereas the

Cassegrain system attains about 70.2% efficiency (with a -10 dB

feed taper and blockage not accounted for). Spillover and

cross-polarization tosses are accounted for in tteje

computations.

The pattern degradation of the Cassegrain system with

increasing angle a is not great because the main reflector

currents remain properly in phase over most of the reflector,

except the underilluminated portion. The degradation is,

however, more apparent for the = a/2 case. This is illustrated

in the patterns of Figures 13a and 13b. Note that the vertical

gain scale is shifted for each pattern; the change in gain

between patterns is noted next to each pattern. Of special

interest is the actual beam pointing direction for eazh pattern

noted next to the pattern by 8 B With a 3-dB beamwidth of
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less than 0.050, the beam shift from the concentric I = ft 00

case is many beamwidths.

The pattern degradation is very great for the shaped

reflectors antenna when a -= 0. This is clear because even when

the subreflector and feed are rotated about an optimum point on

the caustic (see Figure 10), there is substantial phase

defocusing for the a = G case. However, for the a = /2 case,

the defocusing is substantially reduced, and the beam is shifted

with considerably less loss in gain and degradation in pattern

structure. This is shown in Figures 14a and 14b.

Of special interest in the far field is what occurs to the

phase and the amplitude monopulse patterns when the feed and

subreflector are rotated so that 0 = a/2. To observe this effect

with the Cassegrain antenna, a "synthetic" feed monopulse pattern

was used. This pattern, as well as the sum pattern for the

Cassegrain feed, are shown in Figure 15. The effect of the

asymmetry for the case with a = 4.520 is shown in Figure 16.

Although the "null" of the amplitude pattern is not as deep as

for the a = 0° case, and the phase shift of 180 at the sum

pattern maxima is not as sharp, the monopulse pattern is usable.

Before the currents on the main ref,(ctor are investigated,

it is of interest to look at the a = 0° concentric scattered

fields from the shaped subreflector and the hyperboloid

subreflector. These are shown in Figure 17. The patterns are
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for the near fields in the vicinity of the main reflectors. It

is apparent for such large subreflectors (approximately 200 X),

that the vertex plate is extremely effective. Furthermore, the

optical projection approximation accounting for subreflector

blockage is also accurate. Also apparent is the relatively

precise secant squared behavior (for high gain) achieved by the

shaped reflector system.

The current distributions on the main reflectors in the

plane of feed and subreflector rotation are shown in Figures 18

through 21. Both amplitude and phase, at the Cassegrain and

shaped systems, and at the 1 = a and the j = a/2 cases are also

shown. The object is to gain some further insight into what is

occurring within the reflector systems that causes the result in

gains and the far-field patterns that have already been observed.

In Figure 18 shows the paraboloid currents as a function of

parameter Z when R = a. (The curves are displaced vertically so

that their relative functional characteristics is easily

compared.) Note that the phase curves remain flat except where

underillumination of the paraboloid occurs (to the left). The

underillumination is evident in the amplitude curves. The

underillumination to the left is matched by an overillumination

to the right. This over illumination increases the noise of the

antenna substantially for a ground system antenna looking toward

zenith. The overillumination receives the averaged approximately
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240 K ground radiation, as compared to an overilluminated space

antenna which would receive approximately 2.7 K galactic noise.

This is one of the principal motivations for using rotation

angles / = a/2 for the feed and subreflector of a Cassegrain

antenna.

When / = a/2, the over- and underillumination of the

paraboloid is reduced substantially. This is observed in

Figure 19 over a wide range of a from a 0 to a = 14.520.

The penalty for this well illuminated paraboloid in amplitude is

a phase error illumination, which is also observed in

Figure 19. A linear beam-shift phase term has been subtracted

from the phase curves so that what is depicted as displaced from

a slat curve is a phase error. As observed in Figure 3, the

phase error is not significant (relative to the a = case)

until a is greater than 60.

For the dual-shaped reflectors, the situation is very

different. When a = B is maintained and a is increased, not

only does a poorly illuminated main reflector suffer in

amplitude, but also in substantial phase error. This is shown

in Figure 20. Also, the amplitude over- and underillumination

effects are more severe here than for the Cassegrain antenna

because the illumination amplitude is nearly uniform or flat.

This is a result of the secant squared subreflector scattered

pattern (see Figure 17).
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As a result, it is fortuitous that rotating the

subreflector with a = /2 gives such excellent results for the

dual-shaped reflector antenna. The current distributions for

this situation as a function of the parameter a is shown in

Figure 21. The phase curves are relatively flat for a large

range of 1 (after subtraction of the appropriate linear beam

shift phase). The resulting gain curve as a function of a (see

Figure 4) is comparab1,_ to that obtained for the Cassegrain

curve, although higher in value as a result of the shaping.

The main reflector current curves clarify what is occurring

to the amplitude distribution on the main reflectors when a = 0

.d~.and when / a/2. It is clear that when a =/, a large noise

temperature can occur for ground system antennas looking

upward. It is also clear that setting = a/2 will largely

alleviate this problem for both the Cassegrain and the

dual-shaped reflector systems.

It is also clear why the main reflector current phase

behaves well (nearly flat) for the Cassegrain antenna when / a.

However, an understanding of why the main reflector current

phase curves are as flat as they are for a = /2 requires

further investigation.

4. CAUSTIC CHARACTERISTICS OF THE SUBREFLECTOR SCATTERED FIELDS

Further insight into why the shaped main reflector phase

current distributions are as flat as observed for 9= a/2 (see
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Figure 21) can be obtained by studying the caustic surfaces of

the geometrical optics fields scattered from the subreflector.

In the plane of rotation of the feed and subreflector, the

Gaussian curvature matrix is diagonal (by symmetry), and a line

caustic for the radius of curvature out of the plane -R can~o

be observed; another line caustic for the radius of curvature is

parallel to the plane -R .P

A set of the above line caustics (for different a) can be

plotted relative to the subreflector and relative to the main

reflector. When the caustic lines relative to the main

reflector for a = 00 and for a > 00 are plotted, then a

relative comparison can be made of how much the a > 00 caustic

lines deviate from the ideal a = 00 caustic line. This

deviation is a visual measure of the phase distortion that is

observed on the main reflector for a > 00.

For the Cassegrain antenna and a = , both caustic lines

degenerate into a point for all a. This point is the focal

point of the hyperboloid and paraboloid. When P = a/2, caustic

lines are obtained as shown in Figure 22. In Figure 22, the

r:austic lines are plotted relative to the subreflector for all

a. To observe the caustics relative to the main reflector, each

caustic must be rotated about the rotation point (focal point)

by the value of a.
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In Figure 23, the same caustic lines are observed in an

enlarged diagram. The rays emanating from the caustics are

tangent to the caustic surfaces. For the R curves, the rays

are tangent to a cusp of the surface in the plane of the paper.

The rays depicted in the top diagram are all directed toward one

end of the main reflector. However, because of the rotation of

the feed and subreflector assembly, the maiu reflector is

rotated for each caustic line by a; i.e., the curves are plotted

relative to the subreflector. (The rays appear parallel, but

they are not.) The lower diagram of Figure 23 shows rays

distributed to all parts (in the plane) of the main reflector.

The computation and plotting of the caustics are performed

during a geometrical optics analysis of the field scattered by

the subreflector. In this analysis, two radii of curvature are

computed by the equations shown in Figure 24. These radii of

curvature, R1 and R2, relate directly to R and R , but

not uniquely or consistently (a branch choice must be made). In

order to relate R1 and R2 to R and Rp through the

scattered field (a fixed), the expedient of making the

subreflector cylindrical is used as indicated in the lower

diagram of Figure 24. This immediately makes R extremely

large (Less than infinity because of the spherical wave incident

upon the subreflector from the feed). The curvature R is not

changed by this artifice. An appropriate match of R to R°

or R and of R2 to R or R is made accordingly.

p 2p
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The principal motive for examining the caustic lines is to

further understand the phase characteristics of ttoe dual-shaped

reflectors. The caustic lines for the shaped subreflector

scattered fields are very different from those encountered for

the field scattered by the hyperboloid. This is apparently true

for offset as well as circularly symmetric-shaped reflectors.

Figure 25 shows the caustic lines for the field scattered

8, 9
by a focused feed from an offset shaped subreflector.

Note that the vertical scale for the inset diagram is many times

greater than the scale for the full diagram; thus, the R
V.p

caustic is extremely large. The wavefront scattered from the
*4

subreflector is nearly planar in the plane of the diagram and

near the extremities. It is also now clear that the line

caustic discussed earlier and displayed in Figure 10 is an Ro

caustic or is due to curvature orthogonal to the plane of the

diagram.

The R caustic lines for different a, with t3a/2, arep

displayed in Figure 26 for the 70-meter shaped reflectors. They

have a character which is similar to che offset shaped case of

Figure 25, but which is distinct from that of the Cassegrain

system. In Figure 26, the R caustics are shown with respect

p

to the subreflector. In Figure 27, the same R caustic lines
P

are plotted with respect to the main shaped reflector. The
subreflector is appropriately located only for the a 0 case.
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The main reflector is to the left, fixed for all a values. Note

that the caustic lines, for various a, all lie nearly parallel,

0
especially for a -_ 6 Thus, the phase of the geometrical

optic field incident upon the main reflector will be relatively

unchanged for 0f = a/2. This phase compensation occurs in

addition to very little over- or underillumination of the main

reflector. Therefore, the shaped reflector performance withf

a/2 is very good.

In Figure 28, observe the R (curvature orthogonal to the

diagram) caustic characteristics for various a for the same

70--meter shaped reflector system. Note again that with respect

to the main reflector (right-hand diagram), the caustic lines

become much closer. The enlarged diagrams of Figure 29 show

this more clearly.

5. CONCLUSION

In a circularly symmetric high-gain dual-reflector antenna

system, a very substantially off-axis feed displacement can be

accommodated while retaining a circularly symmetric subreflector.

This can be done with little gain or gain/noise temperature

(G/T) loss for both Cassegrain and dual-shaped reflectors. In

both cases (the Cassegrain and the dual-shaped antennas), it is

found to substantially improve the performance if the

subreflector is rotated off-axis by an angle 3 that is one-half
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the angle of rotation of the feed-a. This is imperative for the

shaped reflectors because there is no unique phase center about

which to rotate the subreflector and feed. However, to obtain

an optimum G/T for the Cassegrain (as well as the shaped)

reflectors, it is found that maintaining a = /2 is important.

Although the main reflector phase distortion is kept fairly

small, the relationship 0 = a/2 ensures very little spillover of

energy past the main reflector into a hot (270 K) ground.

In the hypothetical Cassegrain system discussed in this

paper, no noise shield was used. Thus, the noise temperatures

shown as a function of a (feed rotation angle about the

Cassegrain focal point), with a = /2 or a = , are higher than

can be obtained with a noise shield.

The temperatures shown in Figure 30 are more or less

significantly different than the lower or higher that the total

noise tenperatiro )r L%. intenna is found to be. A typical good

system (a DSN 64-meter antenna) may have a noise temperature

distribition as shown in Table 2.

If the dichroic and rear spillover noises are removed from

the zenith elevation values of Table 2, about 14.6 K remains.

The noise temperatures displayed in Figure 30 can be added to

this value as a function of a and G/T values can be obtained as

a function of a for the Cassegrain system used herein for ' = a

and for a/ = 12. This result is displayed in Figure 31a. Note
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Table 2. Noise for Very Good Cassegrain

Noise Source Zenith K 300 Elcvation

Amplifier 4.0 4.0

Waveguide at 300 K 4.7 4.7

Dichroic Surface 2.0 2.0

Galactic Noise 2.7 2.7

Atmosphere 2.6 5.2

Antenna

Quadrapod 2.6 5.2

Rear Spillover -0.4 -0.2

Total -17.0 K -22.0K

in Figure 31a that the G/T performance is superior for the 3 -

a/2 case despite the phase error introduced by the 3 = a/2 value

of the feed location. This is a direct result of the

substantially flat and low noise temperature found for the / =

a/2 case (see Figure 30). The difference in the G/T curves in

Figure 31a would be even greater if a noise shield were built

into the Cassegrain design. The difference is slightly less if

a less optimistic noise temperature fo: the system is assumed:

TSYSTEM T ANTENNA 20 K.
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This result is shown in Figure 31b and would apply for antenna

elevation angle below zenith.
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a Ax ....-- ' SUB'EFLCTOR "LINE OF CAUSTIC

MAIN REFLEICTOR

70m SYMMETRIC SHAPED
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6 v STEERING ANGLE
(EAM MAXIMA)

GAIN, OB,

NO. a X, in. F, In. a, &G IN, dog
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* Figure 11. Determination of Optimum Point

of Rotation
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IMPROVING THE PERFORMANCE OF A SMALL REFLECTOR ANTENNA

"p

M. Lewis, J. Toth, R. Kliger, and W. Miccioli
Raytheon Company, Missile Systems Division

Bedford, Massachusetts 01730

ABSTRACT

Techniques for alleviating the performance problems encountered

in small (w20X) reflector antenna configurations constrained to re-

side within a given volume are discussed. Small F/D systems generate

a highly curved parabolic surface which tends to minimize aperture

diameter, resulting in gain and beamwidth degradation. Enhancing the

gain and beamwidth properties of a small gimballed reflector is described.

The performance enhancements are achieved primarily by increasing

the projected area of the antenna aperture within the confines of a

given sphere. The methods presented incorporate the principles of

dielectric loading and surface stepping to achieve a reduction in the

physical depth of the reflector. The increase in gain achievable is

highly dependent on the particular antenna configuration (gimbal sphere

diameter, F/D, etc). Commensurate with the increase in gain (and per-

haps of equal value) is the decrease in half-power beamwidth afforded

by the larger diameter aperture. Included with the theoretical dis-

cussion are experimental results obtained for a typical Ka-band re-

flector system.
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1.0 INTRODUCTION

Seeker antenna aperture size is typically governed by missile

body/radome diameter. In most cases, the largest diameter aperture

possible is desired in order to maximize antenna gain and minimize

antenna beamwidth. Gimballed seeker antenna diameters are even more

restricted, since often not only the antenna aperture but also asso-

ciated combining networks and receiver circuits must be mechanically

steered. Packaging of all of these assemblies so that they reside

within the allowable gimbal sphere (as indicated in Figure 1) greatly

reduces the available antenna diameter and the achievable performance

* characteristics.

Reflector type antennas, popular at millimeter wave frequencies,

offer a simple mechanical assembly with high power capability, but

they require substantial aperture depth to achieve the parabolic sur-

face. As seen in Figure 1, a significant increase in projected aper-

ture area could be obtained simply by flattening the paraboloid. Such

reduction in depth would result in a larger diameter antenna, with

higher available area gain and a sharper antenna beam. This improve-

ment in performance is particularly significant for small reflector

antennas ( 20 A in diameter) with small F/D. This paper presents two

potential methods for reducing the required paraboloidal thickness by

either dielectric loading or surface zoning. Thus, in each case, the

theoretically infinite operational frequency band is sacrificed for a

narrow, defined frequency range of optimum operation and minimal

iperture depth.
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2.0 DESIGN SUMMARY

The specific design goal of this application was to maintain the

desirable properties of the conventional parabolic reflector while

A I "flattening" the reflector profile to obtain a larger diameter radia-

ting aperture. Particular emphasis in the ensuing investigation was on

improving antenna gain and beamwidth characteristics without a signifi-

cant increase in mechanical complexity.

The first method employed reflector surface zoning, )r "1stepping",

as illustrated in Figure 2. With this technique, the designer selects

portions of reflector surfaces from among a family of parabolas that

share the same focal point. Equation (1) is the equation that governs

these parabolas. It is easily derived from the requirement that all

geometrical ray paths have the same electrical phase (modulo 27T).

Examination of the central ray path with this requirement in mind leads

to the conclusion that the parabolas must be separated by A/2 along

their axis of symmetry.

y2= 4(f + a-)x+ al) where n = 0,l,2 ...f (1)

Although the zoning technique does increase the available aperture

size, it will introduce concentric ring "shadow" regions at each re-

flector surface step, as suggested in Figure 3. These regions are not

directly illuminated by the feeding element of the reflector and repre-

sent a loss of aperture area that must enter into the overall tradeoff

of gain versus diameter. Therefore, a particular configuration will

allow a certain maximum number of surface steps based on a given gimbal

sphere radius, a prescribed gimbal center offset, and satisfaction of
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the relative phase requirement. Not all steps need to be or should be

provided because of step shadowing effects. Steps can be skipped and

then compensated for by taking larger step sizes (i.e. skipping one or

more parabolic surfaces) in an attempt to maximize the available un-

shadowed projected area.

Figure 2 shows a typical example in which five steps are possible;

but as indicated in Table 1, the largest projected area occurs by

taking only two steps, because the shadowing incurred by additional

steps outweighs the area increase achieved from a greater overall dia-

meter. For this case, the maximum increase in gain is .3 dB over the

gain of the standard parabola commensurate with the given gimbal sphere

radius and offset. Gain may not be the only parameter of interest.

Since the antenna beamwidth is primarily dictated by the overall aper-

ture diameter, a different set of steps will be necessary to minimize

the beamwidth. A second inspection of Table I indicates that with only

a slight decrease in unshadowed aperture area (i.e. gain), the aperture

diameter can be maximized by using three surface steps. Indeed, this

may be a better compromise configuration when all system parameters

are considered.II The second method of performance enhancement may be visualized as

loading the reflector with a low (Cr <3.0) dielectric constant

material. This makes the reflector physically more shallow, as illus-

trated in Figure 4, allowing the dielectric reflector to be moved

closer to the center of gimbal rotation and providing two beneficial

effects. The first is the direct increase in diameter available from
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TABLE 1

STEPPED PARABOLA GAIN CHARACTERISTICS

Step Number * Relative Relative

Configuration 5 4 3 2 1 Projected Area Gain (dB)

1 0 0 0 0 0 1.00 0

2 0 0 0 0 1 .78 -1.1

3 0 0 0 1 0 .94 - .3

4 0 0 0 1 1 .84 - .7

5 0 0 1 0 0 1.00 0

6 0 0 1 0 1 .88 - .6

7 0 0 1 1 0 .96 - .2

8 0 0 1 1 1 .89 - .5

9 0 1 0 0 0 1.04 .2

10 0 1 0 0 1 .88 - .6

11 0 1 0 1 0 .98 - .1

12 0 1 0 1 1 .91 - .4

13 0 1 1 0 0 1.03 .1

14 0 1 1 0 1 .91 - .4

15 0 1 1 2 0 .99 0

16 0 1 1 1 1 .93 - .3

17 1 0 0 0 0 1.04 .2

18 1 0 0 0 1 .85 - .7

19 1 0 0 1 0 .96 - .2

20 1 0 0 1 1 .89 - .5

21 1 0 1 0 0 1.03 .1

22 1 0 1 0 1 .91 - .4

23 1 0 1 1 0 .99 0

24 1 0 1 1 1 .93 - .3

25 1 1 0 0 0 1.06 .3

26 1 1 0 0 1 .90 - .5

27 1 1 0 1 0 .99 0

28 1 1 0 1 1 .93 - .3

29 1 1 1 0 0 1.05 .2

30 1 1 1 0 1 .93 - .3

31 1 1 1 1 0 1.01 .1

32 1 1 1 1 1 .95 - .2

*1 - indicates step taken

0 - indicates step not taken
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moving the reflector aft and extending the edge of the parabola to in-

tersect with the gimbal sphere. The second (although not as signifi-

cant) is a further flattening of the parabola produced by the now

increased focal length. This second effect also increases the diameter
(

of the parabola, as indicated in Figure 5.

Equations (2) through (5), which define the pertinent parameters

for this reflector's contour, are readily derived from Snell's Law and

geometrical optics considerations. All quantities in these equations

are defined in Figure 6.

rrefcosei-ro
S= rf io(2)

Cose i (C'4;IEinOei)

£2 = £I 1 i n

2 (3)

h = d+L
(4)

L = rotane.

-d tani( rrefCS i- ro) (5)

The dielectric filled contour will be more shallow than the free

space parabola. Thus, the end result is a larger projected aperture

area with no additional shadowing. Higher gain is not guaranteed be-

cause of the impedance mismatch at the dielectric to air interface.

The impact of this effect must be weighed against the increase in dia-

meter achievable and other antenna performance parameters. Methods of

controlling the impedance mismatch must also be contemplated, such as
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maintaining a low dielectric constant loading and incorporation of

matching surface-coating layers.

The benefits of either diameter enhancement method described above

are gated to some extent by the gimbal offset length "a" introduced

in Figure 1. A large offset increases the parabola curvature, which

in turn reduces the subtended diameter. As the value of "a" becomes

small compared to the initial diameter of the reflector (a40.1), the

benefits of these two techniques diminish accordingly.

To determine the magnitude of "shadow" region and surface impedance

mismatch effects, flattened reflectors of each type can be compared to

a standard reflector of similar diameter and focal length. In this

manner the reduction in gain measured with the two modified reflectors

would indicate the efficiency factor introduced by the two subject

methods. The results obtained can then be used to determine the poten-

tial benefits of each enhancement technique.

3.0 EXPERIMENTAL RESULTS

The three reflectors that were fabricated and tested are illustrated

in the photograph of Figure 7. The stepped parabola and dielectric

filled parabola were fabricated from aluminum by a numerically con-

trolled machine, while the simple parabola was made from a machined syn-

tactic foam plated with copper. A square .605X x .605X open-ended wave-

guide radiator was positioned at the focal point of each of the reflec-

tors as a feed. The square waveguide was connected to an orthogonal

mode transducer allowing for dual polarized operation. The square wave-

guide feed was operated in the dominant TE10 mode.
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The test fixture used in the anechoic chamber during measurement

of the reflector antennas is illustrated in Figure 8; it shows the

simple parabola mounted with the square open-ended waveguide feed. The

test fixture has 4 degrees of freedom, which allows the alignment of #

the feed and reflector to be controlled with a moderate degree of accu-

racy. The three dimensional alignment is accomplished with 3 indepen-

dent precision micrometer drives and one axis of rotation for the feed.

Typical measured H-plane radiation patterns (out to +400 from the

axis of the mainbeam) are illustrated in Figures 9, 10, and 11 for the

simple, stepped, and dielectric filled parabolas, respectively. A typi-

cal E-plane radiation pattern is shown in Figure 12 for the stepped para-

bola over -90*< O< 90. The 3dB beamwidths of all three configurations

(all 19.3 wavelengths in diameter) were approximately 4 degrees and

indicate that beamwidth is determined primarily by the outside diameter

of the reflector. The measured first sidelobe levels were below -20dB,

which is in good agreement with predicted values for these considerations.

The gains, efficiencies, and beamwidths are presented in Table 2.

The stepped parabola and dielectric filled parabola are 0.6dB and l.OdB,

respectively, lower in efficiency than the simple parabola. The overall

efficiencies of the antennas measured were low because of feed mismatches

and losses in the square aluminum waveguide. The same feed was used for

all three configurations, so the efficiency factors listed above should

be realistic.
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TABLE 2. MEASURED ANTENNA CHARACTERISTICS

Antenna
Gain Efficiency 3dB Beamwidth

Simple Parabola 32.3 dB -3.35 dB 3.9*

Stepped Parabola 31.7 dB -3.95 dB 3.80

Dielectric Filled Parabola 31.3 dB -4.35 dB 4.00

4.0 CONCLUSIONS

Techniques have been presented that offer the potential of reducing

the beamwidth and increasing the gain of a standard small parabolic an-

tenna. Measured data at Ka-band have been presented which define the

gain efficiency factors encountered in surface zoned and dielectrically

loaded parabolic reflectors. The relative gain measurements for these

parabolas indicate a higher than expected gain loss for both modified

reflectors. In the case of the stepped parabola, approximately .4dB

can be accounted for in loss from shadow regions. For the loaded re-

flector, excessive mismatch losses are suspect which may necessitate

additional surface dielectric matching layers.

The measured data also showed only minor changes in other antenna

pattern parameters resulting from the two methods. In particular, the

initial assumption that zoning and loading of a parabola have little

effect on beamwidth was clearly verified. Further effort will be re-

quired to optimize performance for each technique if the maximum

benefit is to be obtained.
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Figure 7. Parabolic Test Reflectors

Figure 8. Reflector/Feed Alignment Fixture
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